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A CMOS Transconductance-C Filter Technique for
Very High Frequencies

Bram Nauta, Student Member, IEEE

Abstract—This paper presents CMOS circuits for integrated
analog filters at very high frequencies, based on transconduc-
tance-C integrators. First a differential transconductance ele-
ment based on CMOS inverters is described. With this circuit
a linear, tunable integrator for very-high-frequency integrated
filters can be made. This integrator has good linearity proper-
ties (1% relative gm error for 2-V,_, input signals, V,, = 10 V)
and nondominant poles in the gigahertz range owing to the ab-
sence of internal nodes. The integrator has a tunable dc gain,
resulting in a controllable integrator quality factor. Experi-
mental results of a VHF CMOS transconductance-C low-pass
filter realized in a 3-um CMOS process are given. Both the cut-
off frequency and the quality factors can be tuned. The cutoff
frequency was tuned from 22 to 98 MHz and the measured filter
response is very close to the ideal response of the passive pro-
totype filter. Furthermore, a novel circuit for automatically
tuning the quality factors of integrated filters built with these
transconductors is described. The Q-tuning circuit itself has no
signal-carrying nodes and is therefore extremely suitable for
these filters at very high frequencies.

I. INTRODUCTION

EVERAL MOS continuous-time high-frequency inte-
grated filters have been reported in the literature [1]-
[7]. Most filters are built with transconductance elements
and capacitors, to take advantage of these structures for
making integrators at high frequencies. The maximal cut-
off frequencies were, however, limited to the lower meg-
ahertz range. Krummenacher and Joehl [1], for example,
reported a 4-MHz low-pass filter and Kim and Geiger [2]
reported a bandpass filter, programmable up to 16 MHz.
Pu and Tsividis [3] have described another approach:
minimal transistor-only VHF filters. With this technique
very compact filters at very high frequencies (10-100
MHz) can be made, but these filters have restricted qual-
ity factors and accuracy. This paper describes a filter tech-
nique for accurate filters at very high frequencies. The
basic building block is an integrator and general filter syn-
thesis techniques remain applicable.
The integrator is the main building block of integrated
active filters. In this paper the integrator will be imple-
mented by a transconductance element loaded with a ca-
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pacitor. One of the major problems in high-frequency ac-
tive filters is the phase error of the integrators [4], [8].
The quality factors Q of the poles and zeros in the filter
are highly sensitive to the phase of the integrators at the
pole and zero frequencies. To avoid errors in the filter
characteristic, a sufficiently high integrator dc gain is re-
quired, while the parasitic poles should be located at fre-
quencies much higher than the cutoff frequency of the fil-
ter, in order to keep the integrator phase close to —90°.
For the filter to be presented, this implies a dc gain of
roughly at least 40 dB and parasitic poles located at least
a factor of 100 beyond the cutoff frequency. This is a
strong constraint for filters at very (up to 100 MHz) high
frequencies: the transconductor should have a bandwidth
of approximately 10 GHz.

Two techniques can be used to make a combination of
a high integrator dc gain with a very large bandwidth pos-
sible.

1) Consider the balanced transconductance-C integra-
tor of Fig. 1(a). If the transconductance element has no
internal nodes,' then the transconductor circuit has no
parasitic poles or zeros influencing the transfer function
of the integrator. This is true under the condition that the
capacitors C; (or C}) and C;, (or C}) are functional for the
filter transfer. The feedforward currents through the ca-
pacitances C,, are canceled in a fully balanced gyrator
structure [4].

2) Consider the balanced integrator of Fig. 1(b). The
dc gain of the integrator is gm X r,,, where r,, is the
parasitic output resistance of the transconductor. For
short-channel MOS transistors in high-frequency appli-
cations, this dc gain is normally very low (=20). The dc
gain can be increased by loading the transconductor—at
least for differential signals—with a negative resistance
(r1099) that compensates r,,,,. The dc gain is now gm times
the parallel combination of ry, and riyq. FOT rigas = —Fou
the dc gain becomes, theoretically, infinite. Note that the
implementation of the dc-gain enhancement technique
does not require any internal node. Cascoding or cascad-
ing of stages, on the contrary, will always introduce ad-
ditional internal nodes resulting in phase errors.

A combination of these two techniques for the design
of a transconductance element results in an integrator with

'An internal node is a node in the circuit schematic that has no direct
connection to either an input or an output terminal or a bias or supply ter-
minal of the circuit.
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(a) ()
(a) A transconductor without internal nodes will have no parasitic
poles or zeros and will be therefore of infinite bandwidth. (b) Loading the
output of an integrator with a negative load resistance makes a infinite dc
gain possible, without requiring internal nodes.

Fig. 1.

theoretically infinite dc gain and infinite bandwidth. As a
result, the integrator quality factor will also be infinite.

In this paper, first a tranconductor circuit with an ex-
cellent high-frequency behavior is described (Section II).
Then, for demonstration, a third-order elliptic filter with
a cutoff frequency tunable up to 98 MHz is described
(Section III). For this transconductor a Q-tuning circuit
with high-speed potential (Section IV) and a supply volt-
age buffer (Section V) are also presented. Finally, the ex-
perimental results of the circuits are discussed (Section
VI).

II. TRANSCONDUCTOR

In this section, first the linear V-to-I conversion of the
transconductor is described and then the common-mode
control, dc-gain enhancement, bandwidth, distortion, and
noise are discussed.

A. V-I Conversion

The transconductor [9] is based upon the well-known
CMOS inverter. This CMOS inverter has no internal
nodes and has a good linearity in V-1 conversion if the 8
factors of the n-channel and p-channel transistors are per-
fectly matched. Consider first the inverter of Fig. 2(a). If
the drain currents of an n- and a p-channel MOS transistor
in saturation are written as

Ba . 1 Cox W,
= (m—mﬁ with 8, = === (la)
B . /*LCO W,

Iy =5 Wy = Vi)', with 8, = " (1p)

L,

then the output current of the single inverter can be writ-
ten as

L =l —1p = aVio = V)’ +b - Viy + ¢ ()
with

a= %(Bn - Bp) (2a)

b=B,(Vag = Vi + V) (2b)

c =38,V — Vi + V). 0)

All devices are assumed to operate in strong inversion and
in saturation. If 8, # 8,, i.e., a # 0, the V-to-I conver-

inv2
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Fig. 2. (a) Single inverter. (b) Generation of the common-mode voltage
level V... (¢) Two balanced inverters performing linear V-to-/ conversion if
driven by the circuit of Fig. 2(b). (d) The complete transconductance ele-
ment.

sion will not be linear. The error is in fact a square-law
term, that can be canceled if a balanced structure is used.

The output current is zero when V;, = V, (see Fig.
2(b)), with
Vig = Vi + V,
=M Py 3)
T
By
Note that for 8, = 8, and V,, = —V,,, then V, = 1/2V,,

as can be easily verified.

Fig. 2(c) shows the balanced version of the circuit of
Fig. 2(a). The two matched inverters Invl and Inv2 are
driven by a differential input voltage V;,, balanced around
the common-mode voltage level V. (see (3)). The output
currents I, and 1, can be calculated, and subtraction re-
sults in the differential output current /1,;:

Ly = a(V, — Vy + 5V + bV, + 3Vi)) + ¢
Iy =alV. = Vi, = 3Vy) + b(V. = 3Vy) + ¢
Ly = Iy = alV, = Vi + 5Vl = (Ve = Voo = 5Vi))
+ bVy
or
Iy — Iy = Vig(b + 2a(V, = V,,))

Vld(ﬁp(Vdd - V(‘ + le) + BR(VC - Vm))

)
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Hence, the differential output current is linear with the
differential input voltage. Using (3) for eliminating V,,
(4) can be written as

Loy = 1oy — I
th + Vrp) Vﬂn : ﬁp = Vid © gmy. (5)

Equation (5) is valid as long as the transistors operate in
strong inversion and saturation. The differential transcon-
ductance (gmy) is linear, even with nonlinear inverters,
i.e., if B, # B,. To reduce common-mode output cur-
rents, however, 3, should be chosen close to (8,. The lin-
earity in V-1 conversion is obtained by explicitly making
use of the square law and matching properties of the MOS
transistors. Normally the transistors have no ideal square-
law behavior; these effects will be treated in the section
on distortion. The transconductance can be tuned by
means of the supply voltage V,,. For this purpose a tun-
able power-supply unit needs to be implemented on chip.

The schematic of the complete transconductor is given
in Fig. 2(d). It consists of six CMOS inverters, which are
for the moment all assumed to be equal (V; = V). The
basic V-I conversion is performed by Inv1l and Inv2. Note
that the circuit of Fig. 2(d) has indeed no internal nodes,
except for, of course, the supply nodes.

=ViVa —

B. Common-Mode Control and DC-Gain Enhancement

The common-mode level of the output voltages V,, and
V,, is controlled by the four inverters Inv3-Inv6 of Fig.
2(d). For simplicity the transconductances gm of these in-
verters are assumed for the moment to be linear (3, =
B,). Inv4 and Inv5 are shunted as resistances connected
between the output nodes and the common-mode voltage
level V.. The values of these resistances are 1/gm, and
1/gms. Inv3 and Inv6 inject currents gms(V, — V,;) and
gmg(V,. — V,y), respectively, into these resistances.

The result for common-mode output signals is that the
““V,,”’ node is virtually loaded with a resistance 1 /( gms
+ gmg) and the ‘‘V,,”’ node with a virtual resistance
1/(gms + gmy). For differential output signals the “‘V,,”’
node is loaded with a resistance 1/(gms — gms) and the
“V,,’’ node is loaded with a resistance 1/(gm, — gms).
If the four inverters have the same supply voltage and are
perfectly matched, all the gm’s are equal. Thus the net-
work Inv3-Inv6 forms a low-ohmic load for common sig-
nals and a high-ohmic load for differential signals, result-
ing in a controlled common-mode voltage level of the
outputs. The quiescent common-mode voltage will be
equal to V, of (3). The common and differential load re-
sistances at the nodes V,,; and V,, are recapitulated in Ta-
ble I.

If the four inverters Inv3-Inv6 are not exactly linear
(B, # B,), but still perfectly matched, it can be shown
that the load resistance is nonlinear only for common-
mode signals; for differential signals all even and odd
nonlinear terms are canceled [18].

The dc gain of the transconductor-C integrator can be
increased by loading the differential inverters Invl and

TABLE 1
COMMON AND DIFFERENTIAL LOAD RESISTANCES SEEN
ON NODES V,,; AND V,,,, REALIZED BY THE
TRANSCONDUCTANCES gm;-gmy OF Inv3-Invé

Output Common Differential
Node Resistance Resistance
1 1
Vor p— P—
gms + gme gMms — &M
1 1
Vo -
gmy + gms gmy — gms

Inv2 with a negative resistance for differential signals as
described in Section I. By choosing gm; > gm,, gms =
gmy, and gmg = gm;, this negative resistance 1/Agm =
1/(gmy — gms) = 1/(gms — gmg) is simply imple-
mented without adding extra nodes to the circuit. The
width of the transistors in Inv4 and Inv5 can be designed
slightly smaller than those of Inv3 and Inv6.

To obtain a more exact filter response, the dc gain of
the integrators can be fine-tuned during operation (Q-tun-
ing) with a separate supply voltage V;, for Inv4 and Inv5
as shown in Fig. 2(d). If in a filter all inverters Inv4 and
Inv5 have identical V), and the matching of all inverters
is ideal, then the dc gain of every integrator can theoret-
ically become infinite if Agm = —3/r,;, where r,; is the
output resistance of one inverter. However, the maximal
dc gain of an integrator will be degraded by mismatch.
Assume for simplicity gm, = gms = gmg and gm; = gmg
= gmy — Agm — bgm. Here Agm is the desired tran-
sconductance difference and equal to —3/r,. For sim-
plicity reasons it is assumed that the mismatch 6gm is
equal for gm; and gmg. The dc gain of the transconduct-
ance-C integrator for differential output signals now be-
comes

A, = &my _ gmy
Bou — + gmy — gmy
Foi
My g§my
= = —. 6
som )

3
- + Agm + 6gm
Normally gm,; = gm; = gm,. The dc gain is therefore
equal to the reciprocal value of the relative transconduc-
tance error (6gm/gm) due to mismatch. This error is a
local mismatch error and can be kept small by using proper
layout techniques [19]. The measured relative transcon-
ductance error over 20 chips was less than 0.5%. Con-
sequently, the dc gain is larger than 200 (46 dB), which
is high enough for many applications. In the analysis it
was assumed that the mismatch 6 gm is equal for gm; and
gmg (gm, = gms and gmy = gmg). If this is not the case,
the conclusion of the calculation remains valid; however,
the two outputs of the integrator will be slightly asym-
metrical.
If no dc-gain enhancement was applied (Agm = 6gm
= 0), the dc gain would have been 20 (13 dB). The con-
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clusion is that by choosing gm; and gmyg larger than gm,
and gms, a significant improvement of the integrator dc
gain is obtained, without affecting the bandwidth.

If 6gm < 0 the net load resistance will become nega-
tive. A stand-alone integrator then would become unsta-
ble due to the right-half-plane pole. However, a more de-
tailed analysis [18] and practical experiments show that a
gyrator or biquad section built with these building blocks
will remain stable. This is owing to the feedback loops
inherent to a filter structure constructed with gyrators or
biquad sections.

C. Bandwidth

The transconductor presented here has a large band-
width because of the absence of internal nodes, as stated
in Section I. In filter structures where all the parasitic ca-
pacitances are shunted parallel to the integration capaci-
tors, the only parasitic poles are due to the finite transit
time of the carriers in the MOST channel, which are, ac-
cording to [10], located in the gigahertz range. It can be
shown that the series resistances in capacitors even have
a compensating effect on the effects of the finite transit
time in the MOS channel [18].

D. Distortion

Using the ideal square-law transistor model of (1), the
V-to-I conversion will be perfectly linear. However, a
more detailed analysis shows that nonlinearities due to
mobility reduction occur. In first-order approximation this
may be modeled as

o

BRI M

n

In order to obtain a manageable expression, simplifica-
tions have been made. Assuming 8, = 8, = 3, and there-
fore, V. — V,, = Vyy — V. + V,, = V,, and also assuming
(BV,)? << 1, yields
BV,(5V(0, +6,) +4) 1
lod = Y Vid
1+2V,0,+6,) 2

®)
BEBYV,0,0, + 0, +6,)1 .
1+4V,0,+86,) 8 “
This expression can again be simplified if 0V, << 1:
B
Iod = 26V0 Vid - g (0,, + op) V?d- (9)

The mobility reduction of both the n- and p-channel de-
vices therefore causes mainly third-order distortion. The
second-order distortion due to 8, # 8, combined with
mismatch between Invl and Inv2 is negligibly small in
practice. Normally, channel-length modulation is also a
source of distortion in circuits with ‘‘square-law linear-
ization’’ [11]. Owing to the compensation of the output
resistances in the tranconductor (the dc-gain enhance-
ment), channel-length modulation is no source of distor-
tion in this circuit.

E. Noise

The thermal drain current noise of a single transistor

can be written as
i=4-k-T-c-gm-Af 1<c<2.

(10)

with

The differential output noise of the transconductor of Fig.
2(d) can now be written as

i2, = 4kTc A f 23 gmy an

where L gm; is the sum of all transconductances of the six
inverters and ¢ = ¢, = ¢, is the thermal noise coeflicient
of the n- and p-channel transistors 1 < ¢ < 2.

Note that the transconductor of Fig. 2(d) has a class-
AB behavior; the supply currents will therefore also be
dependent of the input signal. This makes an on-chip (low
ohmic) power-supply tuning circuit more complex. In
Section V of this paper a method for implementing an in-
tegrated supply voltage regulation is described.

Summarizing, we can say that we have a linear trans-
conductor without internal nodes and with a tunable out-
put resistance. The dc gain is only limited by mismatch:
the measured transconductance mismatch of less than
0.5% gives a dc gain of at least 200, which is high enough
for many filters. The parasitic poles are located in the
gigahertz range and are due to the finite transit times in
the MOS channels. The transconductance can be tuned by
means of the supply voltage V,, and the output resistance
can be fine-tuned with a separate supply voltage V. Tun-
ing the transconductance results in tuning of the cutoff
frequency of a filter and tuning of the output resistance
results in tuning of the integrator phase and thus of the
quality factors of a filter built with this transconductor.

III. FILTER

A third-order elliptic filter [12], [13] has been realized
with the transconductance of Fig. 2(d). The filter is de-
rived from a passive ladder filter since ladder filters have
good sensitivity and dynamic range properties. The nor-
malized passive prototype filter {14] is given in Fig. 3.
The pole quality factor is equal to 3. The active imple-
mentation is shown in Fig. 4(a). The filter is a direct im-
plementation of the ladder filter using a gyrator (G3-G6)
loaded with a capacitor (C,, (3) to simulate the inductor.
The resistors are also implemented with transconductance
elements (G2 and G7).

The W/L ratios of the n-channel devices in the trans-
conductors are 24 ,um/3 pum for Invl, Inv2, Inv3, and
Inv6 and 21 pm /3 pm for Inv4 and Inv5. The widths of
the p-channel devices are in all cases a factor of 3 (=
un/pp) larger. The threshold voltages are V,, = 0.75 V
and V,, = ~0.80 V.

To achieve a high cutoff frequency, the filter operates
mainly on parasitic capacitances. This is possible since
the parasitic capacitances are all at nodes where a capac-
itance is desired in the filter. The parasitic capacitances
consist for roughly 70% of gate oxide capacitance C,, and
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Fig. 3. Passive prototype filter [14].
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Fig. 4. (a) Active implementation of the filter of Fig. 3. (b) Test circuit
that makes compensation for the parasitic elements outside the filter pos-
sible during measurements.

are consequently quite linear. C; and C; are fully deter-
mined by parasitic capacitances. The other capacitances,
C,-C, are designed by adding small extra capacitors.
These extra capacitors are polysilicon n-well capacitors
with gate oxide dielectricum. The time constants of the
filter can be written as 7 = C/gm,, with C a capacitance
in Fig. 4(a) and gm, the transconductance of the trans-
conductor. Both C and gm, are approximately propor-
tional to C,,. The result of this is that the spread in 7 due
to spread in C,, is small. This results in quite accurate
time constants even if the filter operates mainly on its own
parasitic capacitances.

No tuning circuitry has been integrated for this test chip.
The tuning of both cutoff frequency (with V,,) and quality
factors (with V},) is done manually with external voltage
sources.

A. Experimental Setup

Measurement of the filter characteristic up to very high
frequencies requires special precautions in the design of
the filter IC. This is illustrated in the experimental setup
of Fig. 4(b). The balanced input voltage of the filter is
generated from a single-ended signal by means of an off-
chip transformer (7'1). The output voltages of the filter are
converted to output currents by means of G8. These cur-

Fig. 5. Chip photograph. Area of the filter is 0.63 mm?.

rents are converted to voltages by means of two off-chip
100-Q resistors. The differential output voltage is con-
verted to a single-ended voltage in 50 @ by means of a
transformer (72). An on-chip reference path, also buff-
ered with a matched transconductor (G9), is used to com-
pensate for all parasitic elements, apart from mismatch,
outside the filter during measurements. With this tech-
nique, accurate measurements up to several hundreds of
megahertz can be done.

V.4 and V), are applied externally. An off-chip capaci-
tor of 4.7 uF has been connected between the V,, and

% pins and ground.

The chip was processed in a 3-um CMOS process. A
chip photograph is given in Fig. 5. The area of the filter
is 0.63 mm’. The experimental results obtained from this
test chip are discussed in Section VI.

IV. TuNING

To correct the frequency response of an integrated filter
for process and temperature variations, tuning of the cut-
off frequency [15] (f~tuning) is generally applied. Several
filters are also provided with automatic tuning of the qual-
ity factors (Q-tuning) [16}. Combined f- and Q-tuning can
be applied with either a master voltage-controlied filter
(VCF) [5], [16] or a master voltage-controlled oscillator
(VCO) 16].

In Fig. 6 the method using a master VCO is illustrated.
The VCO consists of two undamped integrators and has
a controllable frequency and quality factor. Consider first
the Q-tuning loop. If the Q of the VCO is infinite, then
the VCO will oscillate harmonically with a constant am-
plitude (the poles are exactly on the jw axis of the complex
plane). The Q-loop controls the amplitude of the VCO in
such a way that it will oscillate with a constant amplitude.
By copying the voltage, used for tuning the Q of the two
integrators in the master VCO, to the (matched) integra-
tors in the slave filter, the quality factors of the filter will
also be correct. The amplitude of the VCO signal is un-
critical as long as the integrators in the VCO operate in
their linear region.

The f-control loop is a well-known phase-locked loop
(PLL) which locks the oscillating frequency to an external
reference frequency. The voltage used for tuning the fre-
quency of the VCO is copied to the slave filter.

The combination of f- and Q-tuning is possible if the f-
and Q-control loops are independent. This is difficult in
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Fig. 6. Combined frequency- and Q-tuning loops.

practice. If the Q-tuning loop is much faster than the f-
tuning loop, the f-tuning loop will be quasi-static and then
the f~ and Q-loops become practically independent. For
VHF filters the Q loop must be fast enough to tune the
VCO, which oscillates at least at the cutoff frequency of
the filter, which can be up to 100 MHz. The Q-tuning
loop must therefore be very fast.

This paper describes a Q-tuning technique without a
physical loop, so that it is very fast and therefore suitable
for very high frequencies [17].

A. Automatic Q-Tuning

With the transconductor described in Section II, the
master VCO of Fig. 7 can be made. If the Q of the VCO
is infinite, it will oscillate harmonically at a frequency
determined by V.

For every value of V,, there is only one value of V),
resulting in correct Q. The inverse is also true: for each

7a there is only one value of V, so that the Q is correct.
It follows that the frequency can as well be tuned with
V4 if the Q loop controls V,,. V,; and V), will then be
related correctly. This is very important for the Q-tuning
circuit described here.

Consider the VCO is oscillating harmonically with an
amplitude V, at a frequency w. Using (1) and (3), the sup-
ply current I, is calculated (see Fig. 7). This results in

Iy =28 <2<——6"/6” %
dd — P 1+\/m(dd

2
= Vi + Vrp))

1
+ 2 V2(sin® wr + cos® wt)> 12)

and since sin® wr + cos® wr = 1, this can be written as

VB./8,

2
1y = 26 2l ———==(Vy — I’m + l’,
dd p< <1 f——n/ ( dd p))

1
+ - V2.
i)

If ¥, = 0, therefore no oscillation, then I, consists of the
quiescent current of eight inverters, biased in their linear
region. In the case of oscillation, ¥V, # 0, the current is
larger but remains constant. Note that the current I, is
dependent on the amplitude of the VCO output signal (V).

(13)

- T D
gmy ¢ - Vg coswh amy [ Vosinat
[77 - R -

.J‘. .L gmg
C

w= 26

2

Fig. 7. Voltage-controlled oscillator for the frequency- and Q-tuning cir-
cuit.

The transconductor therefore has an intrinsic wide-band
amplitude detection function hidden in its supply current.
This can be exploited as follows. If the node V,, is sup-
plied by means of a dc current source with a value given
by (13) instead of by a voltage source with value V,,, the
oscillator will oscillate with a constant and well-con-
trolled amplitude V,. The controlling mechanism can be
explained as follows.

1) Suppose the poles of the VCO are in the right com-
plex half plane. Therefore, the amplitude V, tends to in-
crease. With a constant I, this implies from (13) that V,
must decrease. With a (quasi-static) constant Vj, this im-
plies that gm, and gmg (Fig. 2(d)) decrease while gm, and
gms remain constant so that the oscillation is damped until
the poles are forced on the imaginary axis. Hence, this
ensures a feedback control for the amplitude.

2) Suppose the poles of the VCO are in the left com-
plex half plane. The amplitude V, tends to decrease. With
a constant I, this implies that V,, must increase. With a
(quasi-static) constant Vj, this implies that gm; and gmq
increase while gm, and gms remain constant, so that the
oscillation is undamped until the poles are forced on the
imaginary axis. This leads to the same conclusion about
a feedback control for the amplitude.

The result of this mechanism is that, for a given V,,
V4 is controlled in such a way that the poles of the VCO
will always be on the imaginary axis; the @ factor of the
VCO is then infinite.

If the resulting voltage V,, of the master VCO is copied
to the filter by means of a buffer, the quality factors of the
slave filter will automatically be correct. It is concluded
that the whole Q-tuning circuit can consist of only one dc
current source with a current as specified by (13).

The problem now is how to realize the current source
1,, with the value given by (13). This can be done as fol-
lows.

Usually V,, = V,; with this in mind the current I, can
be made from V),;, which in turn is determined by the
frequency control loop. This is shown in Fig. 8. The cur-
rent I, is determined by V);, V,, and the inverter param-
eters.? The inverter in Fig. 8 is matched to those con-
nected to Vg, in the VCO, all n-channel transistors have

>The sources V, can be made on chip by driving a current through a
resistorlike circuit.
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Fig. 8. Circuit that generates I,, from V), and ¥, such that the amplitude
of the VCO is constant and the Q is correct.

equal geometries, and all p-channel transistors have equal
geometries. The current I, can be calculated, which re-
sults in

L=1g <2< Bu/Be Vi, —V, +V, 2
0 =z Y : - m + 1]
5 Pr = r——ﬁn/ﬁp( dd p)>

+ 2V,2,>. (14)
Comparing (13) and (14) it can be seen that for
Vv, =121, (15)

the current /, has only to be multiplied with a factor of 4
to obtain the current given by (13), as long as V; = V).
This multiplication is simply performed with a 1:4 cur-
rent mirror. The voltage buffer copies the voltage V,, to
the slave filter.

If V,, deviates somewhat from V}, or if there is little
mismatch in the circuit of Fig. 8, then only the amplitude
of the oscillation will be different from the value predicted
by (15). The quality factor, however, will remain correct.
Normally the transistors deviate from ideal square-law be-
havior. This results in a current 1, of the VCO which is
not exactly constant. I, will contain higher harmonics of
the oscillation frequency w.

The capacitance C,;, however, will drain these cur-
rents, so that the ripple in V,; remains very small. The
capacitance Cy, is the n-well-to-substrate capacitance of
the p-channel transistors, which will be on chip. If nec-
essary the buffer can in addition be preceded by a simple
low-pass filter.

Note that temperature effects are compensated if the
circuit of Fig. 8, the VCO, and the slave filter all have
the same temperature.

This Q-tuning circuit needs no fast amplitude detectors
or rectifiers, owing to the intrinsic wide-band amplitude
detection provided by the transconductance element of
Fig. 2(d) (see also (12)). The circuit of Fig. 8 has no
signal-carrying nodes. All nodes have a (quasi-static) dc
voltage during operation. For this reason the oscillating
frequency of the VCO is not a limiting factor and the cir-
cuit is suitable for very high frequencies. Furthermore,
the circuit is extremely simple; it only consists of one cur-
rent source, two current mirrors, and a buffer. The circuit
of Fig. 8 and the VCO have been realized on a bread-
board. The experimental results are discussed in Section
VI.

V. SuppLY VOLTAGE BUFFER

The cutoff frequency and quality factors of a filter built
with the transconductor of Fig. 2(d) are tuned with the
two supply voltages V,, and V},. These two supply volt-
ages are generated by the f~ and Q-tuning loops, and need
to be buffered before being applied to the filter. This sec-
tion deals with the design of these supply voltage buffers.

Consider a filter built with the transconductors of Fig.
2(d). These transconductors in turn consist of three in-
verter pairs, all driven balanced around the common-mode
voltage level V. of (3). The inverter pairs can be either
connected to the supply voltages V,,; or Vy,. In Fig. 9 the
inverter pairs connected to V,, are shown schematically
(ignore for the moment the dashed current sources). The
supply voltage V,, of the inverter pairs is applied by an
on-chip supply voltage buffer, modeled with a voltage
source Vg gear With series impedance Z,.

In order to obtain insight into the supply current 1,,, a
simplification can be made by considering first only one
inverter pair connected to V. The inverter pair is driven
with an input voltage V;, balanced around the common-
mode level V. as shown in Fig. 9. Using (1) and (3), and
assuming all transistors operating in strong inversion and
saturation, the supply current I, 5;,, of the two inverters
can be calculated:

VB./8, ’
Lig2iny = B, ﬁ_ﬁn/_ﬁp Vs = Vi + V)

-

>

I

1
+ Zﬁp Vii. (16)
-—
1

This supply current consists of a quiescent part (part I of
(16)) and a signal-dependent part (part II of (16)). The
sum of these signal-dependent supply currents (I,,) of all
inverter pairs connected to V,, will cause a ripple in V,
in the configuration of Fig. 9 if Z,; is not low enough.

Since this occurs both for V,, and V), the effect on
complete filters will be modulation of both cutoff fre-
quency and quality factors if the supply voltages are ap-
plied by buffers with a too high series impedance. The
consequence will be distortion in the filter transfer and
crosstalk causing deterioration of the stopband attenua-
tion.

For low-frequency variations in I,,, the source V,; igear
with series impedance Z,; can operate satisfactorily since
Z,4 can be made low for these frequencies by using well-
known feedback techniques. However, these feedback
techniques are not sufficient to make Z,, low for high-
frequency variations in /. For correct high-frequency
operation additional current sources (Fig. 9, dashed lines)
are added to the inverter pairs. The purpose of I, »i,,, for
example, is to inject the required supply current for high-
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Fig. 9. A filter is built with inverter pairs which need to be supplied by a
supply voltage buffer. The series impedance Z,, of this buffer can be made
low for low-frequency variations in /,, by using feedback techniques. The
high-frequency variations in the supply currents of the inverter pairs are
compensated by additional (dashed) current sources. Therefore no high-
frequency current flows through Z,, resulting in a well-controlled V,,,, even
for high frequencies.

frequency variations in I 5;,,. Since all inverter pairs are
provided with such a compensation current source, this
implies that no high-frequency current will flow through
Z,4 and the requirements for Z,, are relaxed for these fre-
quencies. The result is a well-controlled V,,;, even for
high-frequencies.

The basic idea is therefore the use of feedback for low
frequencies and compensation for high-frequency varia-
tions in supply currents.

The compensation sources have to be implemented for
each inverter pair in the filter. Since many inverter pairs
will have the same input voltages and thus the same sup-
ply currents, a combination of compensation sources is
possible for these inverter pairs.

In the rest of this section two possible implementations
of the supply voltage buffers with high-frequency supply
current compensation are given. For simplicity only cir-
cuitry for supplying one inverter pair connected to V, is
discussed. Therefore, the feedback mechanism and only
one compensation current source will be described.

A. Version I

Consider first the configuration of Fig. 10. M1 = M2
and M3 = M4 is the inverter pair that requires supply
current compensation.

Neglecting for low frequencies all capacitors in Fig.
10, the OTA drives the gates of M5, and via R1 and R2
the gates of identical transistors M6 and M 7. The result
is a low-ohmic supply voltage buffer for low frequencies.
At high frequencies the capacitive load of the OTA causes
a degradation in the OTA voltage gain and thus | Z,,| in-
creases.

For high frequencies the current /.. ,;,,, the sum of the
drain currents of M6 and M7, compensates I,y yiny, the
sum of the drain currents® of M3 and M4. The compen-

*Actually I, »;,, is the sum of the source currents of M3 and M4. The
capacitive gate and bulk currents do not contribute to I,y 1, if the inverter
inputs are driven balanced and the capacitances are assumed to be linear.
The sum of the source currents is therefore equal to the sum of the drain
currents of M3 and M4.

pp
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Fig. 10. Implementation of the supply current compensation technique with
p-channel transistors.

sation mechanism works as follows. The gate voltages V;
and V, of M6 and M7, respectively, can be written as

Vi=Vet+ 3V (17a)

Vy =V — 3 Vy (17b)

where V.. is the common-mode voltage and V., is the dif-
ferential- mode voltage of V| and V,. Using (17) and (1)
L. >iny can be expressed as

Iaz 2inv = 6;)6, 7( Vp

Ve + V) + 4 3,,“V

I I

(18)

where 3, , is the 8 factor of M6 and M7 and V,, is the
“‘outside world’’ supply voltage. Comparison with (16)
shows that the high-frequency ripple in 1, 2;,, 1S compen-
sated if for these frequencies part II of (18) is equal to
part II of (16). The differential input signal of the two
inverters needs therefore to be transferred to the gates of
M6 and M 7. This is done by the capacitive voltage divid-
ers Cy, G,y and G, Cp,. Cp,; and Cp, are the equal parasitic
(gate-source) capacitances of M6 and M7. C, = C, are
added floating capacitors. The transfer from V;, to V,, is

G

Vg = Vig ——,
cd id Cl + Cpl

forw > 1/R,C (19)
R, = R, serve only for dc biasing the gates of M6 and M7
(resulting in correct V,) and are assumed to be large.

Note that the transfer of the capacitive voltage divider
of (19) is frequency independent. The conversion from V,
of V,, is of very large bandwidth. Capacitor series resis-
tances, etc. can cause deviations from the transfer of (19)
only in the gigahertz range.

The capacitors C; and C, in series with C,; and Cp,,
form an extra capacitive load for the filter. The filter ca-
pacitors will need to be corrected for this.

The required voltage drop across the supply voltage
buffer, that is the minimal value of V,, — Vy,, is equal to
|Vys = Vip| of M5, M6, and M7. This value depends on
the W /L ratio of these transistors. A typical value of |V

V,,| ranges from 200 to 500 mV.
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If the matching is perfect the ripple in I, ,;,, is fully
compensated for the frequency range of interest. Limita-
tions in frequency are due to capacitor nonidealities. Mis-
match will cause an error in /.. ,;,, resulting in a nonzero
ripple in V,,. At the end of this section simulation results
are given for the case of 10% mismatch in I . ,;,,.

In the description of the circuit of Fig. 10 it was as-
sumed that the ‘‘outside-world’’ supply voltage V,, is
constant. This can be realized by applying a large off-chip
capacitor across V,,. If V,, cannot be made constant, a
ripple in V,, is transferred to the nodes V; and V; via C,,
and C,,. This causes an extra undesired ripple in .. jiny
and thus a ripple in V,, at high frequencies.

B. Version 11

To circumvent this poor power supply rejection at high
frequencies, an alternative solution is given in Fig. 11.
The principle is the same as in Fig. 10, however, n-chan-
nel transistors instead of p-channel transistors are used for
the supply voltage buffer.

The operation of the low-frequency feedback mecha-
nism is obvious. The high-frequency compensation is
similar to that of Fig. 10. First, consider that V,, is con-
stant (later it will appear that V,, will be constant indeed).
C,, and C,; are the parasitic gate-source capacitors of M6
and M7. The gate voltages of M6 and M7, V, and V,,
respectively, can again be written in the form of (17). V;,
is converted to V,;, by means of capacitive voltage divi-
sion, as described by (19). The result is an /.. »;,,, now
generated by the n-channel transistors M6 and M7, of the
form:

1
Vm)2 + ry ﬁn(,j V%d

6716,7([/(‘(‘ - V(‘d -

1 11

1('(,2inv =

(20)

Compensation of the high-frequency part of 1, »;,, is pos-
sible if part II of (20) is equal to part II of (16).

The advantage of the n-channel compensation is that
there is no significant capacitance present between the V,,,-
node and the signal path, resulting in an improved power
supply rejection. A serious disadvantage is a larger volt-
age drop across the supply voltage buffer. Simulation re-
sults of the circuit under 10% mismatch in /. ,;,, are given
below.

C. Simulations

The performance of the circuits of Figs. 10 and 11 has
been evaluated with SPICE (level 3) simulations.

Consider first the circuit of Fig. 10. The transistor di-
mensions of the two inverters are the same as Invl and
Inv2 of the transconductors used in the filter, as described
in Section III. M5 = M6 = M7 =2 X M3, Gora = 80
pA/V, and Rora = 5 MQ. The voltages V,, and V,, are
chosen as 5 V and 3 V, respectively. The input voltage
V4 1s a sine wave with an amplitude of 0.5 V with variable
frequency. Note that the frequency of the ripple in 7, iy
will be twice the frequency of V,;.

2
}—1 1
| c'g\/»d

Fig. 11. Implementation of the supply current compensation technique with
n-channel transistors.

To investigate the ripple in V,, due to variations of V,,
transient simulations were carried out. For comparison,
first the case of a simple feedback supply voltage buffer
is analyzed by setting Ry, = R, = 0 and C, = C, = 0.
The result can be found in curve a of Fig. 12. For low
frequencies the ripple is small due to sufficient loop gain
in the feedback loop. For very high frequencies the ripple
is also small thanks to the capacitance present at the V,
node. For the intermediate frequencies the ripple becomes
much larger.

Using the supply current compensation (C, = C, = 610
fF and R, and R, of the same order of magnitude as Rors)*
makes zero ripple in V,; possible for the case of perfect
matching. Since this is not realistic in practice, an artifi-
cial error of 10% is introduced in the simulations. The
result is plotted in curve b of Fig. 12. The improvement
with respect to curve a is obvious. The ripple in V,, is
several millivolts, which is small enough [18].

Consider now the circuit of Fig. 11. M5 = M6 = M7
= 2 X M1 and the rest the parameters are equal to those
mentioned above.

The case of only feedback (R, = R, = C, = C, = 0)
is plotted in curve ¢ of Fig. 12 and a similar behavior as
in curve a is found. Using the supply current compensa-
tion (C, = C, = 200 fF) with an artificial mismatch of
10% in I 5, gives curve d and thus a significant im-
provement.

The difference in performance of the circuits of Figs.
10 and 11 becomes clear when considering the crosstalk
from the ‘‘outside-world”’ supply voltage V,, to the in-
ternally generated V,,. For the circuit of Fig. 10 the trans-
fer of variations in V,,-to-V,; variations has a high-pass
character. For frequencies below 200 kHz the gain is —44
dB. For frequencies beyond 20 MHz the capacitances C,,
and C,, have enabled crosstalk and the gain becomes —0.5
dB. For these frequencies5 the power supply rejection is
poor and a large off-chip capacitor across V,, will be nec-

*Such a large resistor can be made actively, with a unity feedback dif-
ferential pair in weak inversion.

*Note that a 20-MHz ripple in V,, corresponds to a 10-MHz sine wave
at the inputs of the inverter pairs.
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Fig. 12. Simulated ripples in V,,(mV ¢, pe.) versus frequency of input
signal V,, for: (a) the circuit of Fig. 10 with feedback only (C, = C, = R,
= R, = 0); (b) the circuit of Fig. 10 also gith compensation, however,
with 10% mismatch in /.. »,,; (¢) same as curve (a) but now for the circuit
of Fig. 11; (d) same as curve (b) but now for the circuit of Fig. 11.

essary. The circuit of Fig. 11 has a similar behavior, how-
ever simulations show that the transfer from V), to V, is
30 dB lower for all frequencies compared to the circuit of
Fig. 10. The circuit of Fig. 11 therefore has a much better
(30 dB) power-supply rejection.

VI. EXPERIMENTAL RESULTS

In this section the experimental results of the transcon-
ductor, filter, and Q-tuning circuit are discussed.

A. Transconductor

The transconductor of Fig. 2(d) has been realized on
chip. The measured transconductance for different supply
voltages is given in Fig. 13. The nonlinearities are mainly
of the third order and due to mobility reduction as ex-
pected from (8). For V,; = 10 V, 1% relative error in
transconductance® occurs at a differential input voltage
Vip of 1 V. If V;; = 2.5V, it can be seen that not all
transistors operate in strong inversion for differential in-
put voltages larger than 1 V.

B. Filter

The measured filter responses are given in Fig. 14 for
three values of V;: V,y = 2.5, 5, and 10 V. In Fig. 14(a)
the corresponding responses of the ideal passive prototype
of Fig. 3 (same cutoff frequency) are plotted as well. The
cutoff frequency is varied from 22 MHz (V,; = 2.5 V) to
98 MHz (V,; = 10 V). From Fig. 14(a) a close matching
with the ideal response is seen. The notch at 214 MHz is
60 dB deep and is very well positioned. Fig. 14(b) is a
passband detail of Fig. 14(a). However, from this figure
it can be seen that the dc filter gain is too high and the
ripple in the passband is too large compared to the ideal
response of the passive prototype filter, especially at

°A 1% relative transconductance error corresponds to 0.083% THD, as-
suming only third-order distortion.
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Fig. 13. Measured transconductance versus differential input voltage (V,;)
for three values of V.

higher values of V. The reason appeared to be a layout
error in the filter chip. In fact, the inverters Inv1 and Inv2
of G2 and G7 of Fig. 4(a) have a supply voltage V;, in-
stead of V,,. The result of this is that, especially for higher
supply voltages, the transconductances of G2 and G7 be-
come somewhat lower than their nominal values. In Fig.
14(c) the measured filter response is compared to that of
the passive prototype filter with R, and R; (see Fig. 3)
chosen slightly too large, corresponding to the situation
caused by the layout error. From this figure it can be seen
that the curves now do match very closely. Fig. 14(d)
shows a passband detail of Fig. 14(c). The dc filter gain
and the passband ripple of the measured responses and the
responses of the passive prototype now are almost equal.

Taking the layout error into account, we may conclude
that the filter response is very close to the response of the
passive prototype filter. The 98-MHz filter curve matches
well to that of the prototype filter up to 350 MHz. This
implies that the integrator has indeed a sufficiently high
dc gain and only parasitic poles far enough in the giga-
hertz region. The total intermodulation distortion (TIMD)
of the filter for the three values of V,, is plotted in Fig.
15. The TIMD was measured with a two-tone input signal
with frequencies around half of the cutoff frequency of the
filter.

The other experimental results are summarized in Table
II. The lower limit for the dynamic range was chosen as
the total passband noise and the upper limit was the 1%
TIMD input rms voltage level. As can be seen from Table
II the filter has a high dynamic range: 72 dB for V,, =
10 V.

C. Q-Tuning

The circuit of Fig. 8 and the VCO have been realized
on breadboard, using commercially available CA3600
CMOS arrays. The voltage V;, was chosen as 0.5 V. Using
(15), the amplitude V, of the VCO is expected to be 0.5
-2V2=1.4V.

The VCO oscillates at frequencies up to 7 MHz. The
results are plotted in Fig. 16. The voltage V,, varies with
V;4 in such a way that the VCO oscillates with a constant
amplitude of almost 1.4 V, as expected. The frequency
varies almost linearly with V,, as predicted by (5).
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Fig. 14. (a) Measured filter response (—) and ideal response of the pas-
sive prototype filter (-—-): (@) Vjy = 2.5V, (b) Vyy = 5V, (¢) Vyy = 10
V. (b) Passband detail of Fig. 14(a). (c) Measured filter response (—)
and ideal response of the passive prototype filter corrected for the layout
error (---): (@) Vyy =25V, (b)Y Vyy =5V, (¢) V,y = 10 V. (d) Passband
detail of Fig. 14(c).
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TABLE II
EXPERIMENTAL RESULTS OBTAINED FROM THE FILTER TEST CHIP
Parameter V=25V Viag =5V V=10V
Cutoff frequency 22 MHz 63 MHz 98 MHz
Total passband input noise  ? 81 uV 96 1V,
Dynamic range* ? 68 dB 72 dB
CMRR passband 40 dB 40 dB 40 dB
Transconductance 0.35mA/V  1.06mA/V 1.38mA/V
Power dissipation 4 mW 77 mW 670 mW
Vi 2.50 V 4.76 V 8.10 V
*See text.
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Fig. 16. Experimental results of Q-tuning circuit obtained from a bread-
board realization: V, (amplitude), V,,, and frequency of the VCO versus
V,4. The voltage V, was chosen to be 0.5 V.

Simulations indicate that an on-chip realization of the
circuit will be able to operate at very high frequencies
(over 100 MHz). The tuning circuit is not connected to
the filter because of the poor matching between bread-
board components and on-chip components.

VII. CONCLUSIONS

In this paper principles and circuits for integrated filters
at very high frequencies in full CMOS technology have
been described.

The CMOS transconductor circuit presented has a
bandwidth in the gigahertz region thanks to the absence
of internal nodes. Owing to the used square-law linear-
ization technique, the linearity is good and the transcon-
ductance can be tuned by means of the supply voltage V,,.
The parasitic output resistance of all the MOS transistors
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is compensated and the resulting net output resistance can
be fine-tuned by means of a separate supply voltage V},.
Thus, Q-tuning becomes possible.

A 100-MHz CMOS continuous-time low-pass filter re-
alized in a 3-um process has been presented. The filter is
constructed with transconductance elements and capaci-
tors. The measured filter frequency response is close to
the theoretical response for frequencies up to 350 MHz.
The notch in the response is 60 dB deep and well posi-
tioned. The filter operates mainly on parasitic capaci-
tances while the accuracy is not affected and the dynamic
range is high (72 dB). The cutoff frequency and the Q
factors can be tuned by means of two supply voltages.

A special Q-tuning technique for very-high-frequency
filters, based on a VCO, has been presented. The Q-tun-
ing circuit is very simple (it is, in fact, only a special dc
current source) and contains no signal-carrying nodes.
Therefore, no bandwidth limitations are imposed by the
Q-tuning circuit, resulting in a well-controlled Q for very
high frequencies. Experimental results of a breadboard re-
alization of the Q-tuning circuit were presented, giving
results that are in accordance with the theory.

A technique for making an on-chip low-ohmic supply
voltage buffer for controlling V,, and V), of the transcon-
ductors has been presented. The basic idea is the use of
feedback for low frequencies and compensation for high-
frequency variations in supply currents. The very large
bandwidth (in theory infinite) of a capacitive voltage di-
vider is exploited for implementing ultrafast supply cur-
rent compensation. Two circuit realizations have been
presented and are illustrated with simulation results.

It is expected that lower supply voltages and even
higher frequencies are achievable if a more advanced
(smaller channel lengths) CMOS process is used. The re-
sults obtained with these transconductor, filter, and Q-
tuning techniques demonstrate that accurate integrated
CMOS filters at very high frequencies are possible. Ap-
plications can be found in the field of TV IF filtering [18]
and other VHF filters.
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