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To my paternal and maternal grandfathers

“The world is a drama, staged in a dream. In a moment, the play is played
out.”
- Guru Nanak Dev Ji

Abstract
Internet of Things (IoTs) is an essential part of daily life and finds presence
in a wide range of applications such as monitoring physiological signals, observing geophysical signals, monitoring plant health and agronomics, remote
weather observation, embedded automation etc. In many use-case scenarios
such as remote health care monitoring for heart patients, these IoT nodes are
inaccessible and replacing batteries is not desirable. This makes it necessary
for the sensor nodes to have long autonomous operating life without the need
of much maintenance. Minimizing the average and peak energy consumption
of each of the constituent blocks of an IoT sensor node not only allows for long
autonomous operation but also reduces the size of the battery or the harvester
energizing the IoT node, thereby making their integration easier in large-scale
monitoring applications. Since the sensed physical signals need to be converted to the digital domain to be further used for signal processing, data
transmission and manipulation, Analog-to-Digital converters (ADCs) form an
indispensable block in IoT devices.
Successive Approximation Register (SAR) ADCs are the preferred choice
for these Ultra Low Power (ULP) IoT applications owing to their high energy
efficiency and an almost digital and asynchronous architecture which allows
for scalability to optimize energy consumption over a wide range of these
applications (few kS/s for biomedical to few MS/s for radios). However, the
input (drive) circuitry responsible to present the (sensed) physical signals to a
SAR ADC for signal acquisition and conversion has to be always ON in order
to be able to detect any (critical) event without latency or loss of information.
This calls for an energy centric design approach which is not only focused on
minimizing the supply energy consumption of an ADC, but also minimizes the
amount of energy required for driving its analog inputs to enable an overall
i
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low energy data acquisition system. This thesis investigates design techniques
to lower the energy consumption of both the ADC and its analog input drive
circuitry.
The comparator is the only analog block in the otherwise digital SAR
ADC architecture whose energy consumption does not scale in the same order with supply voltage as for the other digital blocks like control logic and
DAC switching. Its energy consumption is dictated by the stringent quantization noise requirement at low supply voltage and, for medium resolution (8-12
bits) SAR ADCs the comparator constitutes 50%-60% of the ADC’s energy
consumption. This thesis introduces a dynamic bias comparator wherein the
first stage : pre-amplifier is dynamically biased by virtue of a switched capacitor tail (CTAIL ). This dynamic bias pre-amplifier has a self-quenching property
wherein the complete discharge of the (noise) integrating capacitors (CP ) at
the pre-amplifier output drain nodes is prevented. This reduces the energy
2 value
consumption of the pre-amplifier stage from the traditional CP · VDD
to CP · VDD · ∆VDi , where ∆VDi is the voltage discharge on the drain nodes
for a chosen CTAIL to CP ratio. The dynamic bias keeps the pre-amplifier
operate in the weak inversion region of operation throughout the comparison period thereby maximizing its gm/Id to reduce the input referred noise.
The performance of the proposed dynamic bias comparator in terms of its energy consumption, input referred noise and speed is shown. The implemented
dynamic bias comparator is about 2.5 times more energy efficient than the
latch-type comparator variant (Elzakker’s comparator) where the output of
the pre-amplifier discharges completely to ground. With an input referred
noise of 0.4mV, the dynamic bias comparator makes an ideal building block
for low-noise low-energy IoT applications.
The thesis then presents a range pre-selection sampling technique which
aims at reducing the input drive current required for driving a SAR ADC
sample capacitor. This technique is based on the fact that (three) different
sample capacitors (DACs) are used to sample (three) different ranges of the
input signal. The input signal before sampling is first compared to on-chip
generated reference voltages ( 31 -rd and 23 -rd of the supply voltage). Depending
on the result of this comparison, the input signal is respectively sampled on one
of the three DACs. This range pre-selection sampling technique minimizes the
maximum voltage change (∆VDAC ) at the sample (DAC) capacitors to ideally
ii

one-third of the full-scale signal without compromising on the ADC’s Signalto-Noise Ratio (SNR). This reduction in ∆VDAC reduces the maximum input
drive current and the energy required (CDAC ·VDD ·∆VDAC ) to drive the sample
capacitors by a factor 3, thereby relaxing the input buffer requirements.
Most of the ULP SAR ADCs demonstrate their high energy efficiency at
only a (few) fixed operating point(s). In addition these ADCs operate at low
supply voltage (<0.5 V) and use a large sample capacitor (approx. 1pF). This
results in increased drive energy requirements where even the theoretical minimum energy (CV 2 ) required to drive this sample capacitor is the same or larger
than the energy consumption of the ADC itself. On the other hand the ADCs
that demonstrate operation over wide range of sample rates have poor energy
efficiency. Therefore for an ubiquitous operation, a 10b flexible SAR ADC architecture demonstrating high energy efficiency over a wide range of sampling
rates and supply voltage without any loss in resolution is then presented.
The asynchronous SAR ADC architecture incorporates the energy efficient
self-quenched dynamic bias comparator and isolates its non-linear (parasitic)
capacitor from the sample capacitor (DAC) thereby preventing distortion and
degradation in linearity and resolution over the entire range of operation. The
flexible SAR ADC architecture achieves a state-of-the-art Walden FoM of 0.35
- 2.5 fJ/conv-step over a wide sampling range (0.2 - 8MS/s) at corresponding
supply voltage ranging from 0.7 - 1.3V with throughout >9b resolution and
>66 dB Spurious Free Dynamic Range. In order to relax the input drive energy requirement, an input range dependent swapping technique is used in this
ADC. The differential inputs are compared with each other before sampling
and depending on the comparison result (only) the upper and lower half of
the input signal is respectively sampled on either half of the differential DAC.
This (ideally) reduces the maximum change in voltage at the sample (DAC)
capacitors and therefore the input drive energy requirement by a factor 2.
The thesis then demonstrates a buffered 10b differential SAR ADC wherein
both the ADC and the Class-A buffers driving the ADC (differential) inputs
operate at a single supply voltage and can handle near rail-to-rail input signal
swing. Traditionally to handle rail-to-rail swing, a complimentary (NMOS and
PMOS) input differential pair is required which results in signal dependent
offset modulation and thereby distortion. Although increasing the size of
the differential pair can reduce this distortion, this results in a large input
iii
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capacitance and it still presents the challenge of minimizing input drive energy.
The buffered SAR ADC architecture presented in this thesis makes use of the
input signal range dependent swapping technique at the buffer inputs. As a
result of this swapping of the input signal paths, the two buffers need to handle
respectively (only) the upper and lower half of the input signal. This allows
for the use of only a PMOS and an NMOS input stage in the respective buffers
handling the lower and upper half of the input signal, thereby enabling the
Class-A operation at the same supply voltage as the ADC itself. The proofof-concept buffered SAR ADC can process near rail-to-rail inputs, consumes
149 µW at 4 MS/s from a single 1.2V supply to result in a state-of-the-art
Walden FoM (including buffers) of 87 fJ/conv-step and offers a high input
impedance (due to swapping of the signal paths) that can be easily driven by
a low power sensor, making it an excellent choice for IoT applications.
In summary this thesis presents design techniques to reduce the amount
of energy required to perform various operations during data conversion, such
as comparison, buffering the input signal and sampling the buffered input
signal. These techniques aim at reducing the amount of charge (and energy)
required to perform each of these operations that require a certain capacitance
to satisfy the theoretical kT/C noise limit for a given SNR. The energy consumption for charging-discharging of this capacitor is reduced by minimizing
the voltage change across this capacitor for the operations mentioned above
without compromising the SNR. The low energy design techniques presented
in this thesis contributed towards attaining the lowest reported Walden FoM
of 0.35 fJ/conv-step for the standalone SAR ADC. When including the energy
consumption of the buffers the Walden FoM of 87 fJ/conv-step (using only a
single supply voltage) is also the lowest among all the reported buffered SAR
ADCs to the best of my knowledge.

iv

Samenvatting
Het Internet of Things (IoT) is een essentieel onderdeel geworden van ons dagelijks leven en is te vinden in een breed scala aan toepassingen, zoals het observeren van fysiologische signalen, het meten van geofysische signalen, controle
van gewassen en agrarische processen, meteorologische metingen, gentegreerde
systemen etc. In veel scenario’s, zoals het op afstand monitoren van hartpatinten, zijn de IoT nodes ontoegankelijk en is het vervangen van de batterijen
niet wenselijk. Het is dus noodzakelijk dat de sensoren lang blijven werken
zonder onderhoud. Om een lange levensduur te verwezenlijken is het noodzakelijk om zowel het gemiddelde- als het piekenergieverbruik van de bouwstenen
in een sensor node te verminderen. Analoog-naar-digitaal omzetters (ADC’s)
vormen een onmisbare bouwsteen in IoT nodes aangezien de gedetecteerde fysische signalen moeten worden omgezet naar het digitale domein voor verder
gebruik in signaalverwerking, datatransmissie en manipulatie.
Successive Approximation Register (SAR) ADCs zijn de beste keus voor
deze Ultra Low Power (ULP) IoT-toepassingen vanwege hun hoge energieefficintie en hun bijna digitale en asynchrone architectuur. Dit maakt het
mogelijk om het energieverbruik te optimaliseren voor een breed scala aan
toepassingen (van enkele kS/s voor biomedische toepassingen tot enkele MS/s
voor radio’s). De aanstuurversterkers die de waargenomen signalen aanbieden
aan de SAR ADC voor signaalverwerving en -conversie moeten altijd AAN zijn
om een (belangrijke) gebeurtenis zonder vertraging of verlies aan informatie te
kunnen detecteren. Dit vraagt om een ontwerpmethode waar energie centraal
staat en die niet alleen gericht is op het minimaliseren van het energieverbruik
van de ADC, maar die ook de hoeveelheid energie minimaliseert die nodig is
voor de aanstuurversterkers om zo een energiezuinig data-acquisitiesysteem te
realiseren. Dit proefschrift onderzoekt ontwerptechnieken om het energieverv
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bruik van zowel de ADC als de analoge aanstuurversterkers te verlagen.
De comparator is het enige analoge blok in de verder digitale SAR ADCarchitectuur waarvan het energieverbruik niet in dezelfde mate met voedingsspanning schaalt als de digitale blokken zoals besturingslogica en het schakelen van
de Digitaal-naar-analoog omzetter (DAC). Het energieverbruik wordt bepaald
door de strenge kwantisatieruiseisen die gelden bij lage voedingsspanningen;
voor SAR ADCs met een gemiddelde resolutie (8-12 bits) bepaalt de comparator 50% -60% van het energieverbruik van de ADC. Dit proefschrift introduceert een comparator met dynamische instelstroom waar in de eerste trap
de rustroom van de voorversterker dynamisch wordt ingesteld door een geschakelde condensatorstaart (CTAIL ). Deze dynamisch ingestelde voorversterker is zelfdovend, waardoor de volledige ontlading van de (ruis) integrerende
condensatoren (CP ) aan de drain knooppunten van de voorversterker wordt
voorkomen. Dit vermindert het energieverbruik van de voorversterkertrap
2 -waarde naar C · V
van de traditionele CP · VDD
P
DD · ∆VDi , waarbij ∆VDi de
spanningsverandering is op de drain knooppunten voor een gekozen CTAIL tot
CTAIL -verhouding. De dynamische instelling houdt de voorversterker in het
zwakke inversie werkingsgebied gedurende de vergelijkingsperiode waardoor
de gm/Id maximaal is om de ingangsgeruisruis te verminderen. De prestatie
van de voorgestelde dynamisch ingestelde comparator wordt in termen van
energieverbruik, ingangsgerefereerde ruis en snelheid gepresenteerd. De gerealiseerde dynamisch ingestelde comparator is ongeveer 2,5 keer energiezuiniger
dan de latch-type comparator variant (de comparator van Elzakker) waar de
uitgang van de voorversterker volledig naar de aarde ontlaadt. Met een ingangsgerefereerde ruis van 0,4 mV is de dynamisch ingestelde comparator een
ideale bouwsteen voor IoT-toepassingen met een laag energieverbruik waar
lage ruis vereist is.
Het proefschrift presenteert vervolgens een bereik-voorkeuze samplingtechniek die gericht is op het verminderen van de stroom die nodig is voor het
aansturen van de SAR ADC-samplingcondensator. Deze techniek is gebaseerd op het feit dat er (drie) verschillende samplingcondensatoren (DAC’s)
worden gebruikt om (drie) verschillende bereiken van het ingangssignaal te
samplen. Het ingangssignaal wordt voor het samplen eerst vergeleken met opchip gegenereerde referentiespanningen (1/3 en 2/3 van de voedingsspanning).
Afhankelijk van het resultaat van deze vergelijking wordt het ingangssignaal
vi

gesampled op n van de drie DAC’s. Deze bereik-voorkeuze samplingtechniek minimaliseert de maximale spanningsverandering (∆VDAC ) bij de (DAC)
samplingcondensatoren tot idealiter een derde van het volledige signaal bereik
zonder concessies te doen aan de signaal-ruisverhouding (SNR) van de ADC.
Deze vermindering van ∆VDAC vermindert de maximale ingangsstroom en de
benodigde energie (CDAC · VDD · ∆VDAC ) om de samplingcondensatoren aan te
sturen met een factor 3, waardoor de eisen aan de aanstuurversterker worden
versoepeld.
De meeste ULP SAR ADCs hebben een hoge energie-efficintie op slechts
n of enkele vaste instelling(en). Bovendien werken deze ADCs op een lage
voedingsspanning (<0,5 V) en gebruiken ze een grote samplingcondensator
(ongeveer 1pF). Dit resulteert in hoge aanstuurenergie waarbij de theoretische
minimale energie (CV 2 ) die is vereist om deze samplingcondensator aan te
sturen zelfs groter kan zijn dan het energieverbruik van de ADC zelf. Aan
de andere kant hebben ADC’s die over een breed scala van samplingsnelheden werken, een slechte energie-efficintie. Daarom wordt hier een 10b flexibele
SAR ADC-architectuur gepresenteerd die een hoge energie-efficintie heeft over
een breed scala van samplingsfrequenties en voedingsspanningen zonder enig
verlies in resolutie. De asynchrone SAR ADC-architectuur bevat de energiezuinige zelfdovende dynamisch ingestelde comparator en isoleert zijn niet-lineaire
(parasitaire) condensator van de samplingcondensator (DAC) waardoor vervorming en verslechtering in lineariteit en resolutie over het hele werkingsgebied wordt voorkomen. De flexibele SAR ADC-architectuur bereikt een
state-of-the-art Walden FoM van 0,35 - 2,5 fJ/conv-stap over een breed samplingbereik (0,2 - 8MS/s) bij een overeenkomstige voedingsspanning varirend
van 0,7 - 1,3 V met overal > 9b-resolutie en > 66 dB spurious-free dynamisch
bereik. Om de energiebehoefte van de ingangsbuffer te verminderen wordt in
deze ADC een ingangsbereikafhankelijke omwisseltechniek gebruikt. De differentile ingangen worden vr sampling met elkaar vergeleken en afhankelijk van
het vergelijkingsresultaat worden (alleen) de bovenste en onderste helft van
het ingangssignaal respectievelijk gesampled op de bijbehorende helften van
de differentile DAC. Dit vermindert (idealiter) de maximale spanningsverandering bij de samplingcondensatoren (DAC) en daarmee de energiebehoefte
van de aansturing met een factor 2.
Het proefschrift demonstreert vervolgens een gebufferde 10b differentile
vii
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SAR ADC waarin zowel de ADC als de klasse-A buffers die de (differentile)
ingangen van de ADC aansturen, werken op een enkele voedingsspanning en
overweg kunnen met rail-naar-rail ingangssignalen. Om rail-naar-rail swing
te kunnen verwerken is in traditionele oplossingen een complementair (NMOS
en PMOS) ingangsverschilpaar vereist, wat resulteert in signaalafhankelijke
offsetmodulatie en daardoor vervorming. Hoewel het vergroten van het differentieelpaar deze vervorming kan verminderen, resulteert het in een grote
ingangscapaciteit en is het nog steeds een uitdaging om de energie van de aansturing te minimaliseren. De gebufferde SAR ADC-architectuur gepresenteerd
in dit proefschrift maakt gebruik van de ingangsbereikafhankelijke omwisseltechniek bij de bufferingangen. Als gevolg van deze omwisseling van de ingangssignaalpaden moeten de twee buffers respectievelijk (alleen) de bovenste
of onderste helft van het ingangssignaal verwerken. Dit maakt het mogelijk
om alleen een PMOS- of NMOS-ingangstrap te realiseren in de respectievelijke
buffers die de onderste en bovenste helft van het ingangssignaal verwerken,
waardoor klasse-A-werking op dezelfde voedingsspanning als de ADC zelf mogelijk wordt. De proof-of-concept gebufferde SAR ADC kan bijna rail-to-rail
ingangssignalen verwerken, verbruikt 149 µW bij 4 MS/s uit een enkele 1,2Vvoeding wat resulteert in een state-of-the-art Walden FoM (inclusief buffers)
van 87 fJ/conv-step en biedt een hoge ingangsimpedantie (vanwege het omwisselen van de signaalpaden) die gemakkelijk kan worden aangedreven door
een sensor met laag vermogen, waardoor het een uitstekende keuze is voor
IoT-toepassingen.
Samenvattend presenteert dit proefschrift ontwerptechnieken om de hoeveelheid energie die nodig is om verschillende bewerkingen uit te voeren tijdens gegevensconversie te verminderen, zoals vergelijking, buffering van het
ingangssignaal en sampling van het gebufferde ingangssignaal. Deze technieken zijn gericht op het verminderen van de hoeveelheid lading (en energie) die
nodig is om elk van deze bewerkingen, die een bepaalde capaciteit vereisen om
te voldoen aan de theoretische kT/C-ruislimiet voor een bepaalde SNR, uit te
voeren. Het energieverbruik voor het opladen en ontladen van deze condensator wordt verminderd door de spanningsverandering over deze condensator
te minimaliseren voor de hierboven genoemde bewerkingen zonder compromis
voor de SNR. De technieken voor energiezuinig ontwerp die in dit proefschrift
worden gepresenteerd, hebben bijgedragen aan het bereiken van de laagst geviii

rapporteerde Walden FoM van 0,35 fJ/conv-stap voor de zelfstandige SAR
ADC. Wanneer het energieverbruik van de buffers meegerekend wordt, is de
Walden FoM van 87fJ/conv-step (met slechts n voedingsspanning) naar mijn
weten ook het laagst van alle gerapporteerde gebufferde SAR ADC’s.
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Chapter 1

Introduction
A body at rest continues to be in that state until and unless an external “driving” force is applied. Similarly, for the case of an Analog-to-Digital Converter,
unless it is driven by an analog input circuitry, it continues to perform no
(meaningful) action.
Internet of Things (IoTs) [1–3] are an essential part of daily life and find
presence in wide range of applications such as monitoring physiological signals, observing geophysical signals, monitoring plant health and agronomics,
remote weather observation, embedded automation etc, Fig.1.1. For these applications it is essential that the sensor nodes should have long autonomous
operating life without the need of much maintenance. In many use-case scenarios, these sensor nodes are inaccessible making it almost impossible to replace
batteries (even intermittently). For example, in the case of remote health
care monitoring for heart patients or sensor nodes aimed at early diagnosis of
disease for elderly people, one would ideally aspire for systems that put the
strain of changing batteries periodically to an absolute minimum. In order
to maintain an autonomous operation of a wireless sensor node, a long operating lifetime has to be ensured by minimizing both the average and peak
energy consumption irrespective of whether the IoT node is powered through
a battery or an energy harvester or a combination of both [2, 3].
As sensed physical signals are analog in nature, they need to be converted
to digital domain to be further used for signal processing and data transmission. Analog-to-Digital converters (ADCs) as the name suggests are responsible for this conversion and form an indispensable block in IoT devices. In
1
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Figure 1.1: Internet of Things (from [4]).

these low power IoT applications, the input (drive) circuitry responsible to
present the (sensed) physical signals to an ADC for further acquisition and
conversion has to be always ON in order to be able to detect any (critical)
event without latency and provide the digital output corresponding to it, for
further analysis and corrective action in for example, a feedback system.
This calls for an energy-centric design approach, not only focused on minimizing the supply energy consumption of an analog-to-digital converter, but
also on reducing the amount of energy required for driving its analog inputs.
This will enable an overall low energy data acquisition system and increase
the autonomous operational lifetime of an IoT node.
2

1.1. Analog-to-Digital Converter (ADC): General Definitions

1.1

Analog-to-Digital Converter (ADC): General Definitions

In this section some general definitions relating to ADCs and used throughout
this thesis are briefly reviewed. Figure 1.2 shows the transfer characteristic of
an ideal ADC without any errors for a 3-bit resolution. For more comprehensive understanding the readers are refered to [5, 6].
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Figure 1.2: Transfer characteristics of a 3-bit ADC (as example) in comparison to the ideal transfer curve along with the quantization errors.

3

1. Introduction
Full-Scale Range (FSR) : The full-scale range(FSR) or full-scale input
range (FSIR) of an ADC is defined as the difference in the minimum and
the maximum value of the input signal which respectively results in a valid
ADC output code (or transition) without resulting in saturation in the ADC
transfer characteristic. FSR is therefore the range of input signals which can
be digitized by an ADC, above and below which no transition in output code
takes place1 .
Quantization Error : Quantization error or noise is the deviation in the
output code of an ADC with an N-bit resolution from the ideal ADC output
with an infinite resolution. For example, for a 3-bit ADC where only 23 = 8
levels are possible, the quantization error can be plotted as shown in Fig.1.2.
Also shown is the ideal transfer characteristic for an infinite resolution ADC.
The difference in the ideal finite (3-bit) resolution transfer characteristic and
the ideal infinite resolution transfer curve results in a quantization error or
commonly known as quantization noise. This quantization noise provides a
theoretical limit to the maximum achievable Signal-to-Noise ratio for an ideal
N -bit ADC. The quantization error, QE lies within an LSB interval (± VLSB
2 )
and the rms quantization noise power is :

vqn,rms

v
u
u
u
u 1
=u
t VLSB

VLSB
2

Z

Q2E dQE

(1.1)

−VLSB
2

VLSB
F SR
√
vqn,rms = √
=
N
12
2 · 12

(1.2)

The rms value of this quantization error limits the maximum achievable
Signal-to-Noise ratio for an ADC in the absence of any other noise source.
Signal-to-Noise ratio (SNR) : Signal-to-Noise ratio is the ratio of the signal
power to the noise power expressed in dB. For an ideal ADC with no noise
sources and finite resolution, the maximum achievable SNR due to quantization noise can be written as
1

For an N-bit ADC transfer characteristic, the FSR includes 2N − 1 transitions and the
LSB voltage can be written as VLSB = 2FNSR
. However, for simplicity and for large N ,
−1
VLSB = F2SR
is
more
commonly
used
in
literature,
[5, 6]
N
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SNR = 10 · log10

Psig,rms
(vqn,rms )2


[dB]

(1.3)

where Psig,rms is the rms power of the input signal. For an input sinusoidal
signal with a peak-to-peak value equal to the FSR, SNR can be expressed as
√
2
F SR/(2 2)
√
SNR =10 · log10
[dB]
F SR/(2N · 12)
√
=20 · log10 (2N−1 6) [dB]

(1.5)

SNR =6.02N + 1.76 [dB]

(1.6)
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Figure 1.3: Transfer characteristics (in blue) of a real 3-bit ADC. The
dashed (red) line is the transfer characteristics of an ADC with width of
each step equal to VLSB and the mid-points lie on the best-fit line.

Figure 1.3 shows the transfer characteristic of a real 3-bit ADC that has
static errors. A linear best-fit to the real ADC transfer curve is also shown after
correcting for the offset and gain errors, and is used to determine the deviations
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in the transitions in the real ADC transfer characteristic. Ideally, VLSB is the
change in analog input voltage to result in an output code transition.
Differential Non-Linearity (DNL): DNL is defined as the maximum difference between the analog input voltage step, (∆VIN ) that results in code
transition at the real ADC output and the ideal width of the step, that is
VLSB . The result is normalised to VLSB [5].
Integral Non-Linearity (INL) : INL is defined as the maximum difference
between the analog input voltage corresponding to the transitions in the output code of the real ADC and the transitions corresponding to the best-fit
line. The result is normalised to VLSB [5].
Spurious Free Dynamic Range (SFDR) : Spurious Free Dynamic Range
in dB is defined as the difference in the power level of the signal and that
of the worst harmonic or spur (with highest power level) in the output FFT
spectrum of the ADC. SFDR is an important parameter for ADCs in communication systems as it defines the minimum wanted signal (power) in dB that
can be demodulated by the ADC in the presence of the unwanted (in-band)
interferers.
Total Harmonic Distortion (THD) : Total Harmonic Distortion is defined
as the ratio of the sum of powers of all the harmonic components of the input
signal (excluding the DC and the fundamental harmonic) to the power of the
fundamental harmonic (signal itself) within the bandwidth of interest .
Signal-to-Noise and Distortion ratio (SNDR) : Signal-to-Noise-and-Distortion
ratio is defined as the ratio of the rms Signal power to the sum of the powers
of all the unwanted components : noise, distortion, clock jitter etc. in the
output FFT spectrum of the ADC.
Effective Number of Bits (ENOB) : It is a measure of how small amplitude
of a signal, an ADC can resolve and is used to quantify the performance of a
real (practical) ADC for a given SNDR. ENOB relates the performance of a
real ADC to the number of bits that can be resolved by an ideal ADC which
has only quantization noise (and no distortion) such that the SNR of the ideal
ADC is equal to the SN DR of the real ADC, that is, SNRideal = SNDRreal .
Using equation 1.6, ENOB can be thus expressed as
SNDR − 1.76
(1.7)
6.02
Latency : Latency is the time duration between the start of conversion (or
ENOB =
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end of sampling) and the end of conversion of the acquired input data when
all output bits corresponding to that sampled input are made available by the
ADC.

1.2

ADC Classification

There are different types of ADCs, each suitable for a certain data rate, bandwidth of the signal, power consumption and resolution. Broadly (not limited
to) the ADCs can be classified into following categories [5]
• Flash ADCs
• Folding and Interpolating ADCs
• Pipelined ADCs
• Sigma-Delta or Delta-Sigma ADCs
• Successive Approximation Register (SAR) ADCs
Further depending on the ratio of the bandwidth of the input signal, fIN
and the sample (clock) rate, fs of the ADC, the ADCs are classified as Nyquist
rate or oversampled converters. For Nyquist rate ADCs, fIN extends atleast
to f2s , whereas for oversampled ones as the name suggests, fIN is much lower
than f2s .
Flash ADCs [8,9] have the highest speed of operation among all the ADCs
as they use 2N comparators for an N-bit ADC and all the comparators are
clocked simultaneously. However, as the number of bits increase, the hardware overhead for flash ADCs increases exponentially, thereby making them
not favorable for medium to high resolution designs. In addition, the offset
mismatch between the various comparators also leads to additional calibration/offset cancellation requirements [5].
Folding and interpolating ADCs [18] aim at reducing the hardware footprint of flash converters by analog pre-processing in a folding circuit. This
reduces the number of comparators from the 2N value as required in flash.
However, the folding amplifiers are analog circuitries which ultimately limits the dynamic range of the ADC, require large voltage headroom [19] and
7
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their non-linearity and mismatch dominates the overall distortion. In addition,
these ADCs still require multiple comparators and therefore offset calibration
or impedance scaling to achieve N-bit matching.
Pipelining offers an interesting option to increase the ADC’s resolution at
medium speeds (few hundreds of MS/s) by cascading number of sub-ADCs
[16, 17]. Each sub-ADC stage quantizes a few bits of the sampled input signal
and the residue is amplified and quantized by the subsequent stage. However
the inter-stage amplifier required for linear amplification of the residue signal
limits the overall performance. The amplifier should ideally provide a linear gain but comprises of transistors which are inherently non-linear in their
transfer characteristic which limits the dynamic range of the ADC. Although
feedback can be used to reduce the non-linearities of the open loop amplifier, however, this comes at the expense of gain-bandwidth tradeoff. Switched
capacitor circuits can provide for linear amplification but have increased settling time requirements and require small output resistance (or large output
transconductance) for fast settling and to minimize settling inacuracies. Gain
mismatch between the inter-stage amplifiers are the major source of distortion levels and require additional calibration (Digital Error Correction) overhead [5, 6]. The linear amplifier based topology makes the pipelined converters not technology scaling friendly and is often the bottleneck in reducing the
power consumption for use in IoT applications.
Sigma-delta converters [20, 21] are used for high resolution small input
bandwidth applications and use an oversampled clock. However, these ADCs
have highest latency in comparison to other ADC architectures which is associated with the decimation filter used for averaging the output bit stream.
These latency issues make Sigma Delta converters not suitable for many event
triggered IoT applications which aim at minimizing any loss of information
for critical events such as in health-care monitoring. Also since at any given
instant of time, the output bit stream of a Sigma Delta converter is not representative of the analog input signal, it becomes difficult to use these ADCs
in control loops or applications where a low loop delay feedback is required
for immediate corrective action. The use of a clock rate much higher than the
input signal bandwidth puts additional demands on system requirements.
SAR ADCs require one sampling and N comparison cycles as they perform
the N -bit operation in a sequential manner using a single comparator, thereby
8
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trading off hardware footprint with speed in comparison to Flash ADCs. For
Nyquist rate operation all the clock cycles (for N comparisons and sampling)
for a SAR operation should fit within the period Ts = f1s corresponding to the
sample frequency, fs . In many IoT applications, the data rates range from
few kS/s (for healthcare and environmental monitoring) to tens of MS/s for
radios [10–12,14,15]. For these applications, where speed is not the bottleneck
and medium resolution (ENOB around 8-12) is required, noise limited SAR
ADCs achieve the lowest power consumption [5, 7]. SAR ADCs can process
signals within the full Nyquist bandwidth for a given clock rate, have a mostly
digital architecture which is scalable with both technology and voltage and the
output data at the end of conversion is a direct representation of the sampled
analog signal and can be directly used without any further manipulation or
averaging. In contrast to the linear amplifier based topology in pipelined
ADCs, SAR ADCs use a single comparator which is inherently a non-linear
circuit. The comparator’s outputs are anyways saturated to either supply
rails, therefore the larger the gain, the better it is for increasing the speed of
operation and reducing the input referred noise (increasing SNR).
The only place where a linear amplifier is required in the signal path for
a SAR ADC is in the analog input driver in order to acquire and settle the
input signal from a sensor interface on the sample capacitor with greater than
N-bit accuracy in a fraction of clock period, Ts . This amplifier forms the focus
of this thesis with an aim to reduce its energy consumption while driving the
analog inputs of the SAR ADC in order to result in an overall low energy data
acquisition system. With an almost digital topology, technology and supply
voltage scaling friendly architecture alongwith re-configurability in speed and
resolution, SAR ADC makes an ideal candidate to cater to a wide range of
IoT applications, ranging from few kS/s for biomedical to few tens of MS/s
for radios.

1.3

ADC Figure-of-Merit conundrum and input drive
requirement

In order to benchmark the performance of the ADCs for various resolution,
speed, input bandwidth and energy consumption two commonly used Figureof-Merits are defined as
9

1. Introduction
1. Walden Figure-of-Merit (F oMw ) : The Walden-of-Merit [22] is defined
as
F oMw =

PADC
min(2 · BWIN , fs ) · 2ENOB

[Joule per conv − step]

(1.8)

where PADC is the power consumed by the ADC from its supply, ENOB
is the effective number of bits at the output of the ADC, BWIN is the
input signal bandwidth for which the ENOB drops by only LSB/2 from
its value at DC input [5] and fs is the clock frequency at which the input
data is acquired and converted by the ADC.
2. Schreier Figure-of-Merit (FoMs ) : The Schreier Figure-of-Merit [23] is
defined as
 BW 
IN
[dB]
(1.9)
F oMs = SNR + 10 log10
PADC
where PADC is the power consumption of the ADC and SNR is the
Signal-to-Noise ratio in dB at the ADC output. Since the FoMs does not
include the distortion information, a more commonly used benchmark is
to use Signal-to-Noise and Distortion Ratio (SNDR) in the (1.9) instead
of SNR. This modified Schreier Figure-of-Merit [24] (FoMs,modified ) is
defined as
 BW 
IN
[dB]
(1.10)
F oMs,modified = SNDR + 10 log10
PADC
where BWIN is the input signal bandwidth for which the SNDR drops by
only 3dB from its value at DC input [5].
A difference between the FoMs in equations 1.8 and 1.10 is that SNDR
in the latter is replaced by 2ENOB (or the number of levels) in the former.
As highlighted in [5] the F oMw depicts the energy consumption per level
and is well suited (or fits better) for the ADC architectures that are not
thermal noise limited but are constrained by the number of levels that can
be quantized within a given supply voltage. This is true for architectures such
as Flash ADCs, medium resolution (8-12 bits) SAR ADCs which benefit from
the voltage scaling and are limited by the hardware (number of comparators)
or quantization levels within a given voltage headroom. Another difference in
F oMw and F oMs,modified is that the ADC power supply consumption, PADC
appears in the numerator in the former and in the denominator for the latter.
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Figure 1.4: Walden Figure of Merit in fJ/conversion-step for state-of-theart ADCs from 2006-2019 [7].

This means that a lower value of F oMw is an indicator of a more energyefficient ADC whereas a higher value of F oMs,modified is preferred for energy
efficiency. Over the last decade or so, the Walden Figure-of-Merit has shown
tremendous decrease specially for the SAR ADCs, Fig.1.4. The single largest
reduction in the F oMw was in 2008 for a SAR ADC presented by Elzakker et
al [13, 14] where the F oMw was reduced by 15x in comparison to the stateof-the-art at that time. As highlighted in Chapter 2, over all these years
most of the work on low power SAR converters have focused on reducing
supply power consumption through energy efficient switching mechanisms for
the DAC [25,26], the design of low thermal noise dynamic comparators [11,14]
and asynchronous control logic. These techniques have brought down the
Walden Figure of Merit, the most common benchmark for low to moderate
resolution ADCs, to less than 1 fJ/conv − step. The F oMw over the past few
years has improved only by 30-40% indicating a bottleneck in further reduction
of energy consumption of a SAR ADC, Fig.1.4. As evident from the equations
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(1.8, 1.9 and 1.10) only the power consumption by the ADC from its own
supply is included for benchmarking and any power required by the auxilliary
circuit to drive the ADC analog inputs is ignored. However, a complete analog
to digital conversion process comprises of : data acquisition and conversion
of acquired data into digital code. Even though these Figure-of-Merits allow
us to benchmark the ADCs, they do not explicitly provide any insight into
the energy required to drive the ADC’s analog inputs. On one hand the ADC
supply energy consumption during SAR conversion has reduced significantly
over the years [25,27], whereas on the other hand the analog input drive energy
for the SAR ADC has remained largely unaddressed. This has resulted in
disparity in the energy consumption from the ADC supply and the minimum
theoretical CV 2 energy required to drive the analog inputs for state-of-the-art
ADCs [25, 27]. Therefore, it is increasingly important to include the energy
consumed in both the operations, that is, the energy required for input signal
acquisition and the ADC supply energy for conversion, in order to benchmark
the performance of data converters.

VADC
EADC

VPK

SENSOR

VIN

EIN
CS
ADC

0

time

Digital
O/P

Figure 1.5: Block diagram of a sensor driving an ADC and the energy components, EIN and EADC . EADC is represented in the Figure-of-Merits used
to benchmark ADCs, however, EIN is neglected from the benchmarking.

Consider a sensor interface driving the analog input sampling capacitor, CS
as shown in Fig. 1.5 with 100% efficiency. The (theoretical) minimum energy
that has to be delivered by the sensor for charging the sample capacitor from
0 to VPK can be given as
2
EIN,min = CS · VPK
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where VPK is the maximum value of the input signal. For the most energyefficient SAR ADCs [25,27], the state-of-the-art F oMw of 0.44 and 0.61 fJ/convstep only includes the energy required by the ADC to perform the conversion
and not the energy required to acquire the signal on the input (sample) capacitor. For these ADCs [25, 27], the sample capacitor, CS is approximatley 1 pF
and 5 pF respectively. Calculating EIN,min for [25, 27], it is approximately
0.61 pJ and 3.2 pJ respectively whereas the respective ADC supply energy
consumption, EADC is 0.3 pJ and 2.4 pJ. It can be seen that the amount of
energy required to sample (or acquire) the input signal, that is, EIN,min cannot be ignored from the F oMw calculations and demands equal attention in
lowering its value to enable an overall reduction in the energy consumption of
a data acquisition system.
To further highlight the importance of relaxing the input drive requirements, let us assume a Class-A buffer driving the ADC, Fig. 1.6. Since most
of the sensors in low power IoT applications have limited output (power) drive
capability, they require an active buffer to be able to present the acquired signal to the ADC without any attenuation for further conversion. The minimum
bias current of an ideal Class-A driver assuming that one-tenth duration of
the total period (Ts ) corresponding to the sample frequency (fs ) is allocated
for tracking the input with greater than 10-bit accuracy, is [28, 29]
IBIAS = Nτ · CS · VPK · (10 · fs )

(1.12)

where Nτ ≈ 0.693 · B is the number of time constants required to acquire
the full-scale signal value (VPK ) and settle with greater than B-bit accuracy
on the sample capacitor,CS . Calculating for state-of-the-art ADCs [25–27],
IBIAS is an order of magnitude more than the ADC supply current [28, 30].
For IoT applications, the analog front end driving the ADC inputs has to be
always ON (and consumes atleast IBIAS ) to present the signal for conversion
without any significant latency or loss of critical information in case of any
event detection. Consequently for the wireless sensor nodes that strive for
long operating life, the amount of analog input (drive) energy spent for each
data acquisition and conversion becomes a critical design aspect (specially for
energy efficient driver) and should be included in the overall Figure of Merit
of a data acquisition system. Therefore, in order to achieve a minimum energy
data acquisition system it is imperative to reduce the analog input drive energy
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alongwith ADC’s supply energy.
In this thesis we aim at achieving minimum energy ADCs also taking into
account the analog input drive energy.

vDD
IBIAS
vDD

VGS

iIN

SENSOR

Class-A
BUFFER

vDD

IADC
ADC

CS Digital
O/P
ADC

Figure 1.6: Block diagram of a Class-A buffer (source follower) driving an
ADC input.

1.4

Thesis organization

This thesis aims at minimizing the energy consumption of a data acquisition
system. The following points summarize the research directions undertaken in
this thesis towards achieving an overall low energy data acquisition system.
• Chapter 2 gives an overview of the Successive Approximation Register
ADC briefly describing its history and operation. It then provides an
overview of the charge redistribution type Digital to Analog Converter
(DAC) that is used in the SAR ADC designs for this thesis. The chapter
concludes by briefly discussing the advancements in reducing the energy
consumption of various blocks (DAC, controller and the comparator)
inside a SAR ADC to reduce its Walden FoM over the years.
• Chapter 3 provides a brief overview of the advancement in low power
latch-type comparators starting from the StrongARM latch. An overview
of the variants of double-tail latch-type comparator and their pros and
14
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cons is also presented. The chapter then introduces a dynamic bias comparator to reduce the energy consumption per comparison operation for
a given SNR. The dynamic bias comparator reduces the energy consumption of the pre-amplifier (stage) of the comparator by preventing
its output (drain) nodes to discharge all the way to ground at the end of
comparison. The operation and performance (in terms of noise, energy
consumption, speed) of the proposed dynamic bias comparator is presented in detail. This dynamic bias comparator is integrated within a
SAR ADC architecture in Chapter 5 that results in reducing the energy
consumption of the ADC from its supply voltage and allows for a flexible
operation over a wide range of supply voltage with > 9b resolution.
• Chapter 4 introduces a range pre-selection sampling technique to reduce
the maximum change in voltage at the sampling capacitors for a given
SNR for a Nyquist rate ADC. This in turn reduces the maximum input sampling current thereby relaxing the energy consumption of e.g. a
Class-A driver stage preceding the ADC. A proof-of-concept chip demonstrating the effectiveness of the range pre-select sampling in relaxing the
drive requirements of a Nyquist rate SAR ADC is presented.
• In chapter 5 a SAR ADC architecture demonstrating an energy efficient
operation over a wide range of sample frequencies (0.2 - 8 MS/s) at corresponding supply voltage (0.7 - 1.3 V) with > 9b resolution and > 66 dB
SFDR and a state-of-the-art Walden FoM of 0.35 - 2.5 fJ/conv-step is
presented. An input range dependent swapping technique is used in
this ADC that reduces the maximum change in voltage at the sampling
capacitors for a given SNR and subsequently the maximum input sampling charge (and energy) by a factor 2 in comparison to the conventional
sampling.
• Chapter 6 demonstrates an integrated buffered SAR ADC architecture
that benefits from the input range dependent swapping technique introduced in Chapter 5 to allow the Class-A buffers to operate at the same
supply voltage as that of the ADC while processing near rail-to-rail input signals. The proof-of-concept chip demonstrates a state-of-the-art
Walden FoM (ADC+Buffer) of 87 fJ/conv-step with both the ADC and
the buffers operating from a single (1.2 V) supply voltage with 2 VP−P
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full-scale differential input voltage. This single supply voltage buffered
ADC reduces the hardware overhead for processing near rail-to-rail signals.
• Chapter 7 provides a chapter-wise summary of the thesis alongwith some
recommendations for future work in the direction of lowering the overall
energy consumption of a data acquisition system.
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Chapter 2

Successive Approximation
Register ADC
This chapter provides an overview of the Successive Approximation Register
(SAR) algorithm. It then explains briefly the charge-redistribution DAC based
SAR ADC and concludes by highlighting some of the advancements in lowering
its energy consumption.

2.1

Successive Approximation Register ADC : History and Operation

The historical evidence of using a Successive Approximation Register (SAR)
algorithm can be traced to 1500s in the solution to a mathematical problem,
known as Bachet’s Weight Problem [1]. The mathematical puzzle was to find
the least number of (known) weights in integral number of pounds that are
required to measure the weight of an unknown quantity between one to forty
pounds by using a weighing scale. The solution as proposed by [2] assumes
that if the unknown weight is placed on one side of the weighing scale-pan
and the (known) weights to be added or removed on the other side, then the
least number of integral weights required are : 1, 2, 4, 8, 16 and 32 pounds.
The SAR ADC in a similar manner usually employs a binary search algorithm
wherein a (digital) estimate of an unknown physical (analog) quantity is made
by a series of successive comparisons with a sequence of known (weighted)
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Figure 2.1: (a) Successive-Approximation Register ADC block diagram
and (b) Convergence of DAC voltage for a DC sampled input.
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quantities. The search space and correspondingly the known weight to be
added or subtracted after each comparison is divided by two and at the end
of last comparison the digital estimate approximates the analog quantity with
an approximation error less than or equal to the value of the minimum weight
used for comparison. As summarized in [3], conceptually the word “Successive
Approximation” was first introduced by a Bell Laboratories patent [4] on Pulse
Code Modulation (PCM) system while describing a sequential coder used in
it and also in [5], that describes the vacuum tube implementation of a 5-bit
ADC with a sample rate of 8 kS/s. The SAR ADC known in its present form
with a binary DAC was subsequently introduced in the patent [6]. The first
commercial SAR ADC was an 11-bit 50 kS/s all vacuum tube implementation
called DATRAC sold by EPSCO and was based on the patent [7]. It weighed
150 pounds dissipating several hundred watts and was sold for $8000.
The basic block diagram for an N-bit SAR ADC is shown in Fig. 2.1(a).
The Sample and Hold (S/H) block acquires the input signal to be digitized.
The contents of the shift register are fed to the Digital-to-Analog Converter
(DAC) that generates an analog voltage at its output corresponding to the
input digital code and the reference voltage. The DAC output is compared
with the actual (sampled) input signal in a sequential manner. After each
comparison, the contents of the shift register are updated providing the digital
feedback signal to the DAC to generate a new analog approximation at its
output. This process repeats in a sequential (successive) manner by changing
one register bit per comparator operation and brings the analog approximation
(DAC output) closer to the sampled input signal after each comparison. For an
N-bit ADC, N comparator operations are done sequentially and at the end of
the N-th comparison the contents of the shift register are taken as the output.
The shift register output at the end of N-bit SAR conversion represents the
digital approximation of the sampled input signal.
Fig. 2.1 (b) shows the waveform of a single SAR conversion cycle for
a 5-bit ADC. The sampled input signal, VSH is compared with the initial
DAC output voltage, VDAC = VREF
2 . Since VSH > VDAC , the output of the
comparator is logic 1. The contents of the shift register are updated and for
the next bit comparison the controller increases VDAC by VREF
4 . In the next
bit comparison VSH < VDAC and the output of the comparator is logic 0. The
shift register feeds back this result to the DAC to reduce its output voltage. In
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this manner, each bit comparison is carried out successively, so that after the
last comparison, the DAC output voltage is within one LSB resolution voltage
of the sampled input signal and all the bits in the shift register are taken as
the digital output.
The Digital-to-Analog Converter (DAC) is required in the feedback path
to generate a new analog signal corresponding to the updated digital code
after every comparison in a SAR loop. Since a DAC has to provide an analog
output, the loading effect of the succeeding stage and the power constraints
of the ADC’s application limits the type of DAC that can be used. The
various DAC architectures are classified below (not limited to) according to
their mode of operation and output signal. For a detailed overview on the
following architectures, readers are referred to [8, 9].
1. Resistive String and R-2R ladder network : In the resistive string type
of DAC [10], the input digital code is converted into corresponding output voltage by the means of a voltage divider. A string of resistors is
connected between two reference voltages (e.g. supply and ground) and
the output voltage is tapped from one of the resistors depending on the
input digital code. This type of DAC requires a small value of resistance
or a low output impedance voltage buffer in order to reduce the settling
time at the DAC output and both these solutions are power hungry.
The only advantage of this type of DAC is that it has an inherently
monotonic behavior because all the resistors have the same value and
the voltage across them changes in a unary manner in response to the
change in input digital code.
The R-2R DAC consists of a ladder arrangement of resistances ‘R’ and
‘2R’ and can be used in both voltage and current output mode. In the
voltage mode [11], one of the terminals of the ‘2R’ resistors in the ladder can be switched for example either to the reference voltage or to
the ground depending on the digital code in order to generate a corresponding analog output voltage. In the current mode [12], a reference
current(s) is divided equally into two branches at each node of the R-2R
ladder network. Depending on the digital code, a binary series combination of these currents can be combined to generate an output current.
The output impedance of this ladder is always ‘R’ so it can be chosen
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small enough to directly connect this DAC to for example a 50-75Ω interface. In this ladder network in addition to the requirement that the two
resistors ‘R’ and ‘2R’ should match within an LSB level, the inequality
in current splitting at each ladder tap results in accuracy problem and
even non-monotonicity [8].
2. Current-steering DACs : This category of DAC comprises of a weighted
array of current sources and depending on the input digital code, the current can be either either steered to the output or to the supply rail [13].
The output (current summing) node is usually resistively terminated
for example to 50Ω, to generate the output voltage. This type of DAC
architecture is popular for high speed operation as it usually does not require an additional output buffer and the switching can be done at high
speed (limited by technology and switch parasitics) for a fixed output
load impedance [9]. However, the topology is power hungry due to the
use of weighted current sources that are always ON (and some of which
are steered to rails) to enable fast switching and minimize the settling
time of the analog output voltage [9, 13].
3. Charge-redistribution DACs: This category of DACs uses (weighted)
capacitors and works on the principle of charge conservation and redistribution [14]. Since it consists of only switches and capacitors, it makes
the implementation technology scaling friendly. Also it is easier for integration within a SAR ADC as the DAC capacitor acts as an input
interface circuitry to sample and hold the input signal. During the SAR
conversion, one of the plates of the DAC capacitor is switched to a reference voltage or to ground depending on the digital code (comparator
output) to result in redistribution of charge after every comparison, until
less than LSB differential charge is left at the end of conversion. The
value of the DAC capacitor can be chosen close to kT/C noise limit (if
not mismatch limited) which helps in attaining minimum energy DACs
for low energy SAR ADCs. This thesis is focused on this class of chargeredistribution DACs owing to its low power, low area advantages and
will be briefly introduced in the next Section followed by highlighting
some of the energy reduction techniques in a SAR ADC over the years.
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2.2

Charge Redistribution DAC based SAR ADCs

Fig. 2.2 (a) shows the SAR ADC architecture with charge redistribution DAC
(CDAC) for a 4-bit operation. The initial state of the shift register is all bits
are 0 and the bottom plates of all the capacitors are charged to VREF through
the inverters (having finite output resistance). At time ‘t0’ the switch SWSH is
closed and the top plate of the CDAC tracks the input signal, VIN . Next for the
SAR conversion phase the SWSH is turned OFF and the B3 capacitor bottom
plate is switched from VREF to ground at time ‘t1’. This results in a downward
on the top plate. The comparator operation is performed and for
shift of VREF
2
the VIN shown in Fig. 2.2 (b), VDAC > 0 and the comparator output is 1 and
is stored in the register as the MSB (that is B3=1). Next the bit B2 is set to
1 and the 4C capacitor’s bottom plate is switched to ground at time ‘t2’. This
on VDAC . Again the comparator operation
results in a downward shift of VREF
4
is performed and since VDAC < 0, the output is 0 and B2 is registered as 0 at
time ‘t3’ and also updated in the shift register resulting in the bottom plate
of B2 capacitor (4C) to be switched back to VREF . At the same time, B1 is
set as 1 for the next bit comparison and switching the bottom plate of the
2C capacitor to ground, therefore the net result is a net upward shift of VREF
8
in the VDAC . This process is repeated then for the LSB, that is, B0 at time
‘t4’. The DAC voltage, VDAC at the end of SAR conversion is within an LSB
resolution voltage to ground.
For the ease of understanding, the operation described above is for top
plate sampling, wherein the input signal is directly sampled on the top plate
of the DAC capacitor that is connected to the comparator input. However, in
the first published work on charge redistribution DAC [14], the input signal
was sampled on the bottom plate of the DAC and the top plate was reset to
ground during the sampling phase. At the end of tracking period, the switch
SWSH is turned OFF and the top plates are kept floating. The bottom plates
are switched to ground which results in the top plate voltage, VDAC = −VIN
due to charge conservation, Fig. 2.3 (b). For completeness Fig. 2.3 shows
the architecture of the charge redistribution DAC in the first published work
along with the position of switches for first couple of clock cycles, sampling
and MSB comparison.
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2.3

Advancements in Energy Reduction of SAR ADCs

This section presents an overview of some of the techniques that have been
investigated over the years to reduce the energy consumption in various blocks
inside a SAR ADC.

2.3.1

DAC Switching Techniques

The conventional differential charge-redistribution DAC for a 3-bit differential
ADC architecture as shown in Fig. 2.4 is less sensitive to supply and substrate
noise and has better common mode noise rejection [15, 16] in comparison to
its single-ended counterpart [14]. For the conventional differential switching
mechanism as illustrated in Fig. 2.4(a), during the tracking phase the bottom
plates of each half of the differential DAC are sampled respectively to the
differential input signal and the top plates are (re)set to the common mode
voltage, VCM . At the end of sampling, the switches SSH are turned OFF and
the bottom plate of the MSB capacitor in the DAC array is switched to VREF
and for all other bit capacitors the bottom plate is switched to ground Fig. 2.4
(b). The top plates, VDACP and VDACN are then compared with each other.
If VDACP > VDACN (Fig. 2.4 (c)), the bottom plates of the 4C (MSB) and 2C
(MSB-1) capacitors for the positive half of the differential DAC are switched
to ground and to VREF respectively. This results in a downward shift of VREF
4
at the corresponding top plate. The bottom plate for the MSB-1 capacitor
in the negative half of the differential DAC is switched to VREF , resulting
in an upward shift of VREF
at its top plate. For the case VDACP < VDACN
4
(Fig. 2.4 (d)), the switching of the bottom plates in the differential DAC is
complimentary. VDACP and VDACN are again compared and this cycle repeats
until the LSB decision is made. At the end of SAR conversion cycle, VDACP
and VDACN are within an LSB voltage difference to VCM . This conventional
switching mechanism is energy inefficient from the perspective that each bit
capacitor has to be charged to VREF for testing and if this transition results in
a wrong “guess” or unsuccessful trial, then it has to be discharged to ground.
Many switching algorithms have been proposed over the years in order to
minimize the DAC switching energy with an aim to reduce the number of
incorrect transitions to VREF , especially for the first few most significant bits
that dominate the DAC switching energy.
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Figure 2.4: 3-bit differential charge redistribution DAC with conventional
differential switching [14] and switch positions during (a) Tracking (b)
MSB comparison and (c) or (d) for MSB-1 comparison if the result in (b)
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A split capacitor DAC array [17,18] aims at reducing the energy consumption for the downward transitions, as illustrated in Fig. 2.5. In the split-cap
switching algorithm, the MSB capacitor of an N-bit DAC array comprises of
an N-1 bit sub-capacitor array, each of which can be switched individually.
Similar to the conventional sampling, the bottom plates of each half of the
differential DAC are sampled respectively to the differential inputs and the
top plates are reset to VCM , Fig. 2.5 (a). However, at the start of conversion phase, that is before the MSB comparison, the bottom plates of all the
sub-capacitors comprising the MSB are switched to VREF for both sides of
the differential DAC, Fig. 2.5 (b). If VDACP > VDACN (Fig. 2.5 (c)) , the
on the top plate of the positive half of the DAC
downward transition of VREF
4
is realized by (only) switching the bottom plate of its largest sub-capacitor
(2C in this example) in the MSB array to ground. This is in contrast to conventional switching, Fig. 2.4 (c) where for downward transition of VREF
4 , the
bottom plate of the entire MSB capacitor (4C) is discharged to ground and
for the MSB-1 capacitor (2C) it is charged to VREF . For an upward transition
of VREF
4 , for example on VDACN in Fig. 2.5 (c), the bottom plate of the MSB-1
capacitor in the negative half of the differential DAC is switched to VREF ,
similar to Fig. 2.4 (c). If VDACP < VDACN (Fig. 2.5 (d)), the switching action
is complimentary to Fig. 2.5 (c). For a full-scale sinusoidal input signal, the
split-capacitor mechanism reduces the DAC switching energy by 37% over the
conventional one, as shown in [17, 18].
Another popular DAC switching energy reduction technique demonstrated
for top plate sampling is the monotonic switching or the set-and-down switching [15]. As stated in [8, 15], this algorithm reduces the size of the DAC array
by a factor 2, if the DAC sample capacitor value is not kT/C noise limited.
This is due to the fact that the input signal is sampled on the top plate and
the MSB comparison can be done right after sampling without the need of
any bit switching. The bottom plates of both the positive and negative half
of the DAC are charged to VREF during tracking, Fig. 2.6 (a). After MSB
comparison, if VDACP > VDACN , then the bottom plate of the largest capacitor
(2C in this example) in the positive half of the DAC is switched from VREF
to ground, resulting in a downward shift of VREF
2 , Fig. 2.6 (c). The other
half of the DAC does not undergo any switching. This process continues till
the LSB comparison. For the case VDACP < VDACN , the switching of the bot32
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tom plate of 2C capacitor occurs in the negative half of the DAC, Fig. 2.6
(d). The name “set-and-down” and “monotonic” indicates the unidirectional
(downward) movement of the DAC voltages for this algorithm. At the end of
conversion cycle both the DAC voltages, VDACP and VDACN are within an LSB
voltage difference to ground. As demonstrated in [15], the total DAC switching
energy for this monotonic technique is reduced by 81% in comparison to the
conventional switching [14] for a full-scale sinusoidal input signal. However,
this algorithm has a disadvantage since the common mode voltage at the comparator inputs decreases during the SAR conversion cycle thereby resulting in
modulation of comparator input offset voltage and distortion [16, 19, 20].
A monotonic split-capacitor DAC array as proposed by [20] offers the advantage of both the monotonic (reducing the size of the DAC array) and
split-capacitor switching (keeping the common mode voltage constant). In
this switching mechanism, the input signal is sampled on the top plate as
in [15]. For DAC splitting, the difference with respect to [17, 18] is that instead of splitting the MSB capacitor into N-1 bit DAC array, each of the DAC
capacitors are split into two equal sub-capacitors. The bottom plate of one
of these sub-capacitors is connected to VREF and the other to ground during
tracking. The MSB comparison is done immediately after sampling as in [15].
After comparison, if VDACP > VDACN , then for the positive half of the DAC,
the bottom plate of one of the MSB sub-capacitor is switched from VREF to
ground thereby resulting in a downward shift of VREF
4 . For the negative half
of the DAC, the bottom plate of one of the MSB sub-capacitor is switched
at the top plate.
from ground to VREF to result in an upward shift of VREF
4
The complimentary shift in the voltages at the top plate for each half of the
differential DAC keeps the common mode voltage constant near half the DAC
reference voltage, VREF
throughout the SAR conversion. This is without the
2
use of any additonal common mode reference voltage in contrast to [16,17] and
prevents distortion due to the signal dependent modulation of the commonmode voltage at the comparator inputs. As highlighted in [20] and calculated
in [25], the switching energy for a full-scale sinusoidal input for the monotonic split-capacitor DAC array is 40% lower in comparison to the monotonic
switching [15] for same value of the DAC capacitor without any area overhead.
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2.3.2

SAR ADC Controller

Depending on how the internal SAR control logic is clocked, the SAR ADC
can be categorized into synchronous and asynchronous architecture. The early
SAR architectures [30–32] used synchronous clocking, wherein an external
clock provides all the control signals for sampling, N-bit comparisons and
DAC switching. In a synchronous architecture all clock periods are equal and
have to satisfy for the worst case MSB-settling time in the DAC array as well
as the worst case comparison time for an LSB decision. This limits the total
SAR conversion speed that can be achieved for a certain resolution, does not
allow for any scalability in the architecture and has power overhead for the
high frequency system clock to be routed and buffered throughout the ADC
architecture as highlighted in [33].
In an asynchronous architecture as proposed in [33] the internal control
logic generates the clock cycles for the SAR conversion phase (N-bit comparisons and DAC switching) in a domino fashion by using handshaking signals
from the comparator output. As demonstrated in [33, 34], an asynchronous
controller relaxes the clock distribution power at the global level since the
high accuracy system clock is used only for defining sample moments. Asynchronous architectures also allow for scalability in speed with respect to the
ADC supply voltage [34, 35] and reconfigurability in resolution [36] to cater
to wide range of applications from kS/s range for bio-medical to few MS/s
for radios. In an asynchronous architecture [26, 34] the DAC control pulses
can be of varying pulse widths depending on the settling requirements of the
bit under test that allows for allocating more time margins for critical (near
LSB) decisions [26]. The asynchronous operation is also preferred for example
for event triggered IoT applications, where the ADC needs to perform conversion only in short bursts in the presence of an external event and can then
enter into low-power sleep mode after performing the conversion. The asynchronous architecture using dynamic logic does not consume any static current
and reduces the energy consumption of the ADC in standby mode making it
favorable for IoT applications which involve processing of short bursts of signals [21, 22, 26, 34, 35, 37].
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2.3.3

Other SNR enhancement techniques

For reducing the energy consumption of the comparator for a given SNR, both
circuit and system level techniques have been envisaged over the years. The
development of the StrongARM Latch [27] was the first in the class of dynamic comparators that did not have any biasing circuit or static current.
This made it an excellent candidate for the SAR ADC architecture and still
finds it presence in many high speed implementations. However, as highlighted
in [28, 29], the StrongARM latch requires large voltage headroom due to the
stacking of transistors. Since the regeneration latch stage is stacked on top of
the pre-amplifier stage, this results in large short circuit transient current during regeneration. In 2007, a double-tail architecture was proposed by Schinkel
et al [29] wherein two separate stages, one for the pre-amplification and the
second stage for regenerative latch operation were used. This two-stage architecture reduced the amount of transistor stacking thereby making it an
attractive choice for low supply voltage operation. Also the short circuit current and the kickback from the latch operation on the comparator inputs were
reduced due to the two-stage implementation. The double-tail architecture
and its variant used by Elzakker et al in [22] allowed for an overall reduction
in energy consumption per comparison in a SAR ADC and together with an
asynchronous controller and a step-wise DAC switching [23,24] mechanism, the
SAR ADC in [22] was able to demonstrate the lowest Walden Figure-of-Merit
(15x lower than the state-of-the-art) at that time .
A system level technique for SNR enhancement known as majority voting
was demonstrated by [26]. In this technique, the comparator output is sampled
multiple (5) times for near LSB decisions in a SAR loop and the decision
(1 or 0) with the highest number of votes is recorded. Majority voting has
advantages over impedance scaling in terms of energy consumption as the
comparator is not scaled up in size to reduce noise for all the decisions, but
instead is clocked multiple times when a near LSB-level decision is detected in
a SAR loop. Since the comparator consumes only dynamic current, operating
it multiple times to improve SNR through majority voting is more energy
efficient than impedance scaling. The overhead however in terms of hardware,
is an LSB detection circuit resulting in additional energy consumption for the
controller. Since the comparator is the only analog block in a SAR ADC its
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energy consumption does not scale in the same order of magnitude with supply
voltage scaling in comparison to the DAC and the controller. The comparator
thus presents the bottleneck in further reducing the energy consumption of a
SAR ADC for a given resolution as highlighted in [21, 26].
In summary, referring back to the weighing-scale analogy at the start of
this chapter, most of the energy reduction techniques in a SAR ADC have
been to (a) minimize the number of iterations involving adding or subtracting
of the known weights (DAC switching energy) on a weighing scale-pan, (b)
improve the resolution of the weighing scale or minimize the error in determining an approximation of the unknown weight (increasing SNR or reducing
comparator noise) and (c) increase the speed of iterations in adding or removing weights by using for example, a digital weighing machine (analogous to
reducing controller’s energy by using dynamic logic). However, an important
attribute that has been neglected over all these years is that “someone” first
has to put some effort (energy) to place the unknown weight (charge) on the
weighing scale-pan (DAC capacitor) in order to perform the entire weighing
(SAR) operation at all. That “someone” in a SAR ADC world is an input
drive circuitry and its energy not being part of any Figure-of-Merit has often
been mistaken as a “cheap-labor”.
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Chapter 3

Dynamic Bias Comparator
This chapter consists of the material previously published in IEEE Journal of
Solid State Circuits [1].1

3.1

Abstract

In this chapter a latch-type comparator with a dynamic bias pre-amplifier is
presented . The dynamic bias with a tail capacitor is simple to implement and
ensures that the pre-amplifier output nodes are only partially discharged to
reduce the energy consumption. The comparator is analyzed and compared
to its prior-art in terms of energy consumption, speed and input referred noise
voltage. First-order equations are presented that show how to optimize the
pre-amplifier for low noise and high gain. Both the dynamic bias comparator
and the prior-art are designed in a 65nm CMOS process and implemented on
the same die. Measurements show that the dynamic bias can reduce the average energy consumption by about a factor 2.5 for the same input-equivalent
noise at an input common mode level of half the supply voltage.

3.2

Introduction

ANALOG-TO-DIGITAL converters (ADCs), are continuously being pushed
to their performance limits and have seen tremendous decrease in their power
1

Fig. 3.11 showing the layout of the dynamic bias comparator was added

45

3. Dynamic Bias Comparator
consumption over the last few years. Due to their highly digital architecture,
the SAR ADCs scale with both technology and supply voltage. The Walden
Figure of Merit for state-of-the-art SAR ADCs is reduced to below 1fJ per
conversion-step. However, 50%-60% of their total energy consumption comes
from the comparator which does not scale in the same order with supply voltage and technology as for the other digital blocks in a SAR ADC like control
logic and DAC switches [2–4]. The low voltage operation imposes stringent
requirements on the quantization noise, thereby making the reduction in energy consumption for each comparator operation even more challenging. The
StrongARM latch was the first in the class of dynamic comparators, and has
been widely used over the years as regenerative comparators. This class of
comparator has strong positive feedback enabling fast decisions, has no static
power consumption and has full swing outputs [5,6]. However since the StrongARM comparator has a single stage architecture, it requires a large voltage
headroom as discussed in [6] and [7].
Furthermore, since there is no isolation between the regeneration latch and
the differential input stage, the StrongARM latch suffers from significant kickback as highlighted in [6]. The double-tail latch-type architecture (Fig. 3.1)
presented in [7] mitigated these problems by separating the pre-amplifier stage
from the latch. This allows for a greater input common mode range thereby enabling near-VDD operation (for an NMOS input differential pair). In addition,
it allows for an extra degree of freedom by providing separate tail transistors:
one for the pre-amplifier and one for the latch stage. This provides an independent control of the common-mode current for the pre-amplifier and of the
regeneration time for the latch stage. The output nodes of the pre-amplifier
in the doubletail latch-type comparator discharge completely to ground at the
end of comparison. This means that a fixed energy corresponding to a charge
packet 2·CP · VDD is consumed by the pre-amplifier for each comparator operation. The capacitances CP at each of the pre-amplifier’s output nodes (see Fig.
3.1) also determine the input referred noise [2], so they have to be appropriately sized to attain a certain SNR. As a result, the pre-amplifier constitutes
approximately 80% of the total energy consumption of the comparator [2,4,7].
The same holds true for another comparator variant: the Elzakker comparator [2], which is shown in Fig. 3.2 (a). The advantage of the circuit in Fig.
3.2 (a) over that in Fig. 3.1 will be explained in Section 3.3. Based on the
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Figure 3.1: Double-tail latch-type comparator [7].

circuit of Fig. 3.2 (a), we show that the energy consumption for a given SNR
can be reduced through a dynamic bias technique that discharges the output nodes of the pre-amplifier only partially [8]. In this chapter, a detailed
analysis of the latchtype comparator with a dynamic bias pre-amplifier (Fig.
3.3) is presented. Also, the design methodology and operational details of the
dynamic bias pre-amplifier in weak inversion region of operation is compared
to the pre-amplifier with switched tail current (Fig. 3.2) as in the case of Elzakker’s comparator. This chapter is organized as follows. Section 3.3 revisits
the double-tail latch-type comparator [7] and its variants (Elzakker comparator [2] and bi-directional comparator [4]), highlighting various energy reduction
techniques for a given SNR requirement. Section 3.4 describes the operation
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of the proposed dynamic bias comparator. Section 3.5 presents the mathematical equation for the input equivalent noise voltage and voltage gain of a
preamplifier operating in weak inversion and extends it to analysis of the proposed dynamic bias comparator. Section 3.6 presents the design methodology
and simulation results for both the Elzakker and dynamic bias comparators.
Section 3.7 presents the measurement results for both the comparators that
were fabricated on the same die for comparing their performance. Section 3.8
summarizes the work with concluding remarks.

3.3

Prior Art

The double-tail latch-type architecture [7] of Fig. 3.1 is well suited for lowvoltage operation, especially, for applications like sense amplifier for on-chip
data communication, and memories, which operate at a higher (near VDD )
input common-mode voltage. However, this architecture suffers from the poor
optimization of energy consumption for a given SNR due to the fact that
the pre-amplifier as well as the regenerative latch start operating at the same
time. Since at the start of comparator operation, the differential voltage at
the output of pre-amplifier is approximately zero, the latch stage conducts
without developing any appreciable SNR. This makes it less attractive for
low-power applications such as medium to high-resolution SAR ADCs. A
more optimum solution from the perspective of energy consumption is to delay
the conduction of the latch stage, until the time a sufficient voltage gain is
developed across the pre-amplifier output nodes. For use in SAR ADCs, van
Elzakker et al. [2] developed a more energy efficient comparator as shown in
Fig. 3.2 (a). In it, the pre-amplifier stage is the same as in [7], but in contrast
to the work in [7], the output of the pre-amplifier is fed to PMOS transistors
- M6/M7, which are embedded in the latch stage. Unlike the clocked tail
transistor M8 in Fig. 3.1, there is no explicit tail transistor in the latch stage
for the architecture [2] in Fig. 3.2 (a). At the start of comparator operation
(Di+/Di- are at VDD ), transistors M6/M7 are OFF, which ensures that the
latch stage only starts conducting once the output common-mode voltage of
the pre-amplifier drops below the threshold voltage of the PMOS transistors
(M6/M7). Consequently, when the latch stage turns “ON” it sees a sufficient
differential voltage (gain) at its input to perform the regeneration operation.
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(a)

(b)

Figure 3.2: (a) Circuit and (b) Simulated timing waveform of Elzakker’s
comparator [2] for |∆ VIN | = 25mV at common mode voltage, VCM equal
to 0.6V, VDD = 1.2V.
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The energy consumption of the Elzakker comparator can be further reduced
by minimizing the pre-charge energy of the pre-amplifier stage. A recently
introduced “bi-directional dynamic comparator” [4] for example splits the preamplification in two phases: first charging and then discharging the common
mode. For the bi-directional comparator, two sets of differential pair - one
in PMOS and one in NMOS are used for the pre-amplification, respectively,
during the charging and the discharging of the output. The result is that
the pre-amplifier nodes are charged to only half the supply instead of the full
supply, saving half the energy. However, as reported in [4], due to the logic
overhead required for reset/latch enable signals and the OR gate to switch from
PMOS pair to NMOS pair, the resultant improvement in energy is limited to
33% for the same SNR as in [2].

3.4

Dynamic Bias Comparator

The dynamic bias technique is a relatively simple method to reduce the amount
of discharge on the pre-amplifier output nodes (Di+/Di-), with less overhead [8]. It involves the use of a capacitor in the tail of the pre-amplifier,
which controls the amount of discharge from the Di+/Di- nodes. The concept
of energy bias or dynamic bias was originally proposed in [9] and has been
recently used to make low-energy charge steering logic [10] for applications in
data communication and retiming circuits such as equalizers and clock-data
recovery [11]. As shown in [9], dynamic biasing provides an energy efficient
biasing mechanism by gradually reducing bias current to operate in the weak
inversion region in order to achieve maximum voltage gain for a given charge
transfer. Similar to the concept of dynamic biasing, the work done in [12]
uses the capacitive degeneration technique to design a linear residue amplifier for pipelined ADCs. In this chapter, the concept of dynamic biasing is
extended to a double-tail latch-type comparator to reduce the energy per bit
comparison for a given SNR. The switched-current tail transistor M3 in Fig.
3.2 (a) is replaced by a tail capacitor and a (switch) tail transistor M3a (Fig.
3.3). The transistor M3b is used to reset the tail capacitor to ground. The
dynamic bias comparator is shown in Fig. 3.3 along with its timing waveform. During the reset phase, when CLK = 0, the transistors M4 and M5
pre-charge the drain nodes Di+ and Di- to VDD , M12 and M13 reset the latch
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(a)

(b)

Figure 3.3: (a) Circuit and (b) Simulated timing waveform of the proposed
Dynamic Bias comparator for |∆ VIN | = 25mV at common mode voltage,
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and the tail capacitor CTAIL is discharged to ground through M3b. During
the comparison phase, when CLK = VDD , all the reset transistors, M3b, M4,
M5, M12, and M13 are turned OFF. The tail transistor M3a turns ON and
the capacitances, CP ’s on the drain nodes Di+ and Di- start discharging. The
common-mode current resulting from the discharge of CP ’s results in a tail
current, ITAIL which charges the tail capacitor CTAIL . This increases the voltage VCAP , which reduces the gate-source voltage, VGS of the differential pair
(M1/M2), thereby providing a dynamic bias to the differential pair during the
comparison phase. As the voltage VCAP increases, the gate-source voltage of
M1 and M2 reduces until the source voltage reaches the first quenching point,
VS = min(VINP − VT , VINN − VT ), where VT is the threshold voltage of the
transistors M1/M2. At this point, one of the input transistors M1/M2 turns
off and the drain voltage at that transistor freezes (assuming no sub-threshold
conduction). The other transistor continues to discharge its corresponding
CP until the second quenching point, VS = max(VINP − VT , VINN − VT ) is
reached. This is in contrast with the Elzakker comparator [2], where both
the drain nodes are completely discharged to ground at the end of comparison
phase. For the dynamic bias comparator, voltages VD1 and VD2 at Di+ and
Di- nodes, at the end of comparison phase, depend on the amount of charge
transferred to CT AIL . The energy required by the pre-amplifier in the dy2 −
namic bias comparator to pre-charge the drain nodes is given as [2 · CP · VDD
CP · VDD · (VD1 + VD2 )]. This is lower than the conventional pre-charge energy
2 as required in the case of Elzakker’s comparator. Since the noise
2 · CP · VDD
of the first stage (pre-amplifier) dominates [2,13,14] therefore, CP needs to be
appropriately sized for a desired SNR and not only consists of the transistor
parasitic. The noise power is inversely proportional to CP as shown in Section
3.5.
The pre-amplifier constitutes around 70%-80% of the total energy consumption of the comparator [2, 8] and therefore the reduction in comparator’s
energy consumption by partially discharging pre-amplifier output is quite considerable. To get the lowest noise at a given current, it is desirable to maximize
gm/Id for the input transistors M1 and M2 (elaborated in Section 3.5), which
means that it is desirable to let M1 and M2 operate in the weak inversion
region until the latch stage makes a decision. A minimum-sized tail transistor
M3a is dimensioned, such that its on-resistance ensures that the differential
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pair is biased near weak inversion at the start of comparator operation. When
CLK = VDD , the differential pair starts at a specific tail current, which afterward decreases continuously with increasing VCAP . Due to the finite (large)
resistance of the tail transistor M3a, the node VS does not drop to zero instantaneously. The large momentary current also means that the CTAIL initially
charges at a fast rate. The gm/Id thus increases with increase in VCAP (decrease in VGS ) and achieves its maximum near the second quenching point. In
a typical 1.2-V supply 10 bit SAR ADC application wherein the differential
input voltage to a comparator ranges from near LSB resolution (1 mV) to full
scale differential (1.2 V), the dynamic bias comparator provides an energy efficient charge-biased dynamic pre-amplification mechanism. It operates mostly
in the high gain, low input referred noise weak inversion operation region for
near LSB input differential voltages and for large input differential voltages
it operates with a large overdrive voltage (VGS − VT ) and therefore small
propagation delay. However, due to a lower gain-bandwidth in weak inversion
operation, a higher CLK-Q delay is also observed in the case of dynamic bias
for small differential input voltages as compared to Elzakker’s comparator [2].
For comparing the performances of the two comparators as depicted in Figs.
3.2 and 3.3, both were fabricated on the same die in a standard 65-nm CMOS
process. The size of the input differential pair M1 and M2 are the same for
both designs to have similar input referred offset. The latch stage is also
identical for both the designs.

3.5

Mathematical Analysis

The work done in [10] presents the voltage gain equations for a “charge-steering
latch” wherein the differential pair is operating in strong inversion region. Targeting for applications such as medium to high resolution ADCs, a low input
referred noise voltage is desired. According to [2], weak inversion operation
is preferred for a low-noise energy-efficient preamplifier, although [2] did not
provide supporting theory for this statement. Similarly, it is stated in [13]
that for the lowest noise, the overdrive voltage of the input transistors should
be minimized. First-order approximate relations for voltage gain and noise
are given in [10, 13], respectively, using square law transistor models in strong
inversion. However, these relations are not valid for (VGS − VT ) for which the
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strong inversion equations presented in [10, 13] predict zero gm at zero overdrive voltage. In this section, the noise and gain analysis in [2] is extended to
weak inversion and quantitatively compared with strong inversion operation.
Also, the voltage gain and noise equations for the dynamic bias comparator,
which has a non-constant tail current, are presented in terms of the capacitor
ratio, (CTAIL /CP ) and output common mode voltage drop ∆VDi,CM .

Figure 3.4: Pre-amplifier and its transient outputs.

3.5.1

Voltage Gain Analysis of Constant Tail Current PreAmplifier

For this analysis, the schematic of Fig. 3.4 is used. In Fig. 3.4, TINT is the
integration time during which the output common mode voltage of the preamplifier discharges by ∆VDi,CM from the pre-charge voltage VDD , with an
average discharge current, ICM . TINT can be written as [2]
54

3.5. Mathematical Analysis

∆V Di,CM (TINT ) =

ICM · TINT
.
CP

(3.1)

The current ∆ID = (gm · ∆VIN /2) results in a differential output voltage
∆VDi across the Di+/Di- nodes during the time TINT . Using (TINT /CP ) from
equation 3.1 and neglecting the finite output resistance of M1/M2, this yields
gm ·∆V IN · TINT
CP
gm ·∆V IN ·∆V Di,CM (TINT )
=
ICM

∆V Di (TINT ) =

where
AV (TINT ) =

gm ·∆V Di,CM (TINT )
∆VDi (TINT )
=
∆VIN (TINT )
ICM

(3.2)

is the equivalent voltage gain.

3.5.2

Voltage Gain Analysis of Dynamic Bias Pre-Amplifier

For the dynamic bias amplifier, the tail section of the preamplifier consists of
the switch transistor M3a and capacitor CTAIL as shown in Fig. 3.3 (a). In
addition to ∆ID , the common mode current, ICM also discharges the capacitor
CP from VDD to an output common mode voltage, VDi,CM . Since ICM is not
constant for the case of dynamic bias pre-amplifier, equation 3.1 cannot be
applied directly to obtain AV as in equation 3.2. The output common mode
voltage drop can be related to ICM as
Rt
∆V Di,CM (t) =

0

ICM (τ )dτ
.
CP

(3.3)

The current ∆ID = (gm · ∆VIN /2) results in a differential output voltage
Rt
∆V Di (t) =

0

(gm (τ ) · ∆VIN )dτ
CP

.

The transconductance in weak inversion is [15]
gm (τ ) '

ICM (τ )
.
n · kT
q
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Here, “n” is assumed to be relatively constant for small input differential
voltage during the integration time in weak inversion [2]. Substituting for
gm (τ )
Rt
∆VIN · 0 ICM (τ )dτ


.
∆V Di (t) =
n · kT
CP
q

R
t
Substituting 0 ICM (τ )dτ /CP from equation 3.3 and re-arranging yields
the voltage gain AV
AV (t) =

∆VDi,CM (t)
∆VDi
=
∆VIN
n · kT /q

(3.4)

which is the same result as in equation 3.2 if one would substitute the value
for gm/Id for weak inversion.
The current ITAIL = 2ICM (t) charges the tail capacitor CTAIL in time “t” to
a voltage
Rt
VCAP (t) =

0

2ICM (τ )dτ
.
CTAIL

At the end of integration time, t = TINT and VCAP (t) = Vs (t). Using
equation 3.3 and re-arranging yields
Vs (TINT ) =

2 · ∆V Di,CM (TINT )·C P
.
CTAIL

(3.5)

Substituting for ∆VDi,CM from equation 3.4 in equation 3.5 and re-arranging
gives the voltage gain, AV in terms of the ratio, (CTAIL /CP )
AV (TINT ) =

CTAIL Vs (TINT )
.
kT
2n · CP
q

(3.6)

Re-arranging equation 3.5, the common-mode voltage drop at the Di nodes
can also be related to the voltage at the tail capacitor Vs through the capacitor
ratio (CTAIL /CP )
∆V Di,CM (TINT ) =

CTAIL
Vs (TINT ).
2·CP

(3.7)

With increase in the input common mode voltage, the gate- source overdrive voltage (VGS − VT ) also increases for the differential pair. It not only
56

3.5. Mathematical Analysis
leads to a fast speed of operation but also results in pushing the differential
pair out of the weak inversion region of operation for at least (initial) part of
the integration time. Another effect that can happen for high input commonmode voltage is that the differential pair enters into triode region in the latter
part of the comparison time. Ultimately the voltage at the drain nodes VDi,CM
becomes equal to the source voltage: (Vs = VDi,CM = VCAP ).
CTAIL
VDD .
(3.8)
CTAIL + 2·C P
For the implemented design the Di nodes reach this final settling point for
input common mode voltages of 0.9 V and above. Even in such non-ideal operating conditions, the Di nodes do not discharge completely to ground and the
dynamic bias comparator is more energy-efficient than Elzakker’s comparator.
∆V Di,CM,max =

3.5.3

Strong Inversion Noise Analysis (Elzakker’s Comparator)

For the noise analysis, only the thermal noise contribution of the differential
pair is considered. Simulations showed thermal noise from the differential
pair (M1/M2) to dominate over the flicker noise. The power spectral density
(PSD) of the thermal noise current for the differential pair (M1/M2) in strong
inversion is [15]
Si,M 1−M 2 = 8kT Υgm .

(3.9)

The mean square noise voltage developed across the Di+/Di- nodes at time
TIN T from [2, 13, 14] is
 2
 Si,M 1−M 2 · TINT
E vn,SI,out
(TINT ) =
2CP2
4kT Υgm · TINT
=
.
CP2

(3.10)

Substituting for (TINT /CP ) from equation 3.1 in equation 3.10 results in
 2
 4kT Υgm ·∆V Di,CM (TINT )
E v n,SI,out (TINT ) =
.
ICM · CP
The input referred noise for strong inversion operation is

(3.11)
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 2


 2
E v n,SI,in (TINT ) =E v n,SI,out (TINT ) /A2V (TINT ).
Substituting A2V (TINT ) from equation 3.2 and assuming as in [2, 13, 14]
that the common mode current is relatively constant for the pre-amplifier in
Elzakker’s comparator during the time TINT
 2

E v n,SI,in (TINT ) =

3.5.4

4kT Υ
CP ·∆V Di,CM (TINT ) ·



gm
ICM

(3.12)


SI,TINT

Weak Inversion Noise Analysis (Dynamic Bias Pre-Amplifier)

The PSD of the noise current for the differential pair (M1 and M2) in weak
inversion for the dynamic bias preamplifier is given as [15, 16]
Si,M 1−M 2 (t) = 4qICM (t)

(3.13)

where ICM (t) is the tail current at any given instant of time. The mean
square noise voltage generated across the Di+/Di- nodes for the dynamic bias
comparator with continuously decreasing tail current ICM is derived in the
Appendix 3.9 to be
 2
 2q·∆V Di,CM (t)
.
E v n,WI,out (t) =
CP

(3.14)

The input referred noise for weak inversion operation, using equation 3.4 at
t = TINT
 2

E v n,WI,in (TINT ) =

2nkT
CP ·∆V Di,CM (TINT ) ·



gm
ICM

.


WI,TINT

(3.15)
As highlighted in [13, 14], the mean square noise voltage in equations 3.12
and 3.15 represents the ensemble average for the nonstationary noise sampled
at the end of integration time TINT . Note that equation 3.15 shows that even
though the tail current ICM is not constant for the dynamic bias pre-amplifier,
the end expression for noise is of similar form as in equation 3.12. This is because the charge lost from the drain nodes for a given common mode voltage
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Figure 3.5: gm/Id and input referred noise voltage (calculated) versus (VGS
− VT ).

drop is independent of the shape of the tail current ICM .
Typically in 65-nm bulk CMOS processes, n ≈ 1.3 (giving gm/Id ≤ 30 , as
shown in Fig. 3.5). For this value of n and Υ = 2/3, the numerator terms
4kT Υ and 2nkT in equations 3.12 and 3.15, respectively, are approximately
equal. It then follows from equations 3.12 and 3.15 that in any region of operation v 2n,in ,in scales inversely proportional to gm/Id. A large gm/Id (or small
VGS ) is, therefore, desirable for improving the noise performance [13]. Fig. 3.5
shows the dependence of the input referred noise voltage from equations 3.12
and 3.15 on (VGS − VT ). With decreasing (VGS − VT ), the gm/Id increases
which reduce the input referred noise voltage. For the differential pair biased
in the vicinity of weak inversion region at t = 0+ , the continuously increasing
Vs in the case of dynamic bias comparator ensures that it achieves a gm/Id
higher than that in the Elzakker comparator throughout its integration time.
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3.6

Design and Simulation

In this section, the design of the dynamic bias comparator and Elzakker comparator are discussed and compared. Elzakker comparator was re-used from
a previous design [2]. For the pre-amplifiers in both types of comparators, the
differential pair size is kept the same in order to have identical input referred
offset. Also, the latch stage is identical in Elzakker’s and dynamic bias comparator in order to compare the performance of the two pre-amplifiers in terms
of speed. For the dynamic bias comparator as mentioned in Section 3.4, the
VGS constantly decreases from the time CLK goes to VDD . The (VGS − VT )
for VCM = 0.6V for the dynamic bias pre-amplifier ranges from approximately
-25 to -100 mV during the integration time. Fig. 3.5 shows that the gm/Id
varies from 20V−1 to around 25V−1 for the dynamic bias comparator.
For Elzakker comparator which was re-used without modifications, it turned
out that in its new use-case, this led to a higher overdrive voltage than necessary. The (VGS − VT ) for the Elzakker’s comparator at VCM = 0.6V is relatively constant around 30 mV throughout the integration time. The gm/Id
for Elzakker comparator is, therefore, constant around 16V−1 which is about
1.4 to 1.5 times smaller than that for the dynamic bias comparator. Equations
3.12 and 3.15 indicate that the CP of the dynamic bias comparator could be
reduced by 40%−50% to get the same input referred noise as Elzakker comparator, which is confirmed by the simulations. Therefore, CP in the design
of dynamic bias comparator is reduced by approximately 40% in comparison
with that used in Elzakker comparator. Fig. 3.6(a) shows the output common mode voltage drop for both the comparators for 1-mV differential input.
For the proposed dynamic bias comparator the output common mode voltage
drops to approximately 650 mV at the end of comparison.
Fig. 3.6(b) shows the differential latch output for both the comparators.
Since the output common mode voltage of the pre-amplifier does not discharge
to ground, the PMOS transistors M6 and M7 in the latch stage operate at a
low overdrive voltage. The latch, therefore, has a lower regeneration speed
than that in Elzakker’s comparator. The tail current profile for both the preamplifiers is as shown in Fig. 3.6(c). Fig. 3.6(d) shows the voltage gain at the
output of the pre-amplifier. The initial tail current in the pre-amplifier is larger
in the dynamic bias comparator than in Elzakker’s comparator. The initial
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voltage gain of the pre-amplifier for the dynamic bias comparator is slightly
higher than Elzakker’s comparator. In addition, the continuously decreasing
VGS (and tail current) in the dynamic bias comparator make sure that it
operates deep in weak inversion and achieves maximum gm/Id for the most of
the comparison time.
For a VT of 400 mV and CTAIL /CP =3.5 (approx. from extraction), the
voltage gain, AV from (4) for ∆VDi,CM = 0.5V at TINT is approximately 15 for
the dynamic bias pre-amplifier. The simulated voltage gain in Fig. 3.6(d) is
approximately 35% lower than its calculated value due to the finite (intrinsic)
voltage gain of M1/M2. The ratio CTAIL /CP =3.5 is chosen so as to achieve
an output common mode voltage drop of approximately 0.5 V for a source
voltage, Vs of around 300 mV (equation 3.7). For this chosen CTAIL /CP the
maximum output common-mode voltage drop, for large input common mode
voltages, is about 0.6 · VDD from equation 3.8.
Fig. 3.6(e) shows the input referred noise contribution from the preamplifier of the two comparators. A pnoise simulation was performed to obtain
the noise integrated at the latch output, with noise from all transistors except
those in the pre-amplifier disabled. To refer the noise back to the input, the
time-strobed noise at the latch output is divided by the corresponding timestrobed small signal gain of the comparator. It is to be noted that the input
referred noise only starts to give meaningful results once the comparator develops gain (roughly when the common-mode voltage at the Di nodes drop
below a threshold voltage from the supply). The simulated input referred
noise voltage for the Elzakker and dynamic bias comparators is around 0.29
and 0.26 mV, respectively, for VCM =0.6 V. This corresponds with the input
referred noise of 0.32 mV for the pre-amplifier in the dynamic bias comparator as predicted by the analytical model in equation 3.15. The noise from the
latch stage was also simulated, with an input-referred contribution of 0.11 mV
(Elzakker) and 0.09 mV (dynamic bias). The simulated (post-layout extraction) energy consumption for the dynamic bias comparator is 30 fJ/comparison
for VCM =0.6 V.
CTAIL was designed with a MoM capacitor and CP also includes approx.
40% of MoM capacitor (in addition to the transistor parasitic) to minimize
the effect of process variation. However, due to the process variation in VT ,
corner simulations indicate that the input referred noise contribution from
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Figure 3.6: Simulated (a) output common-mode voltage, (b) differential
latch output, (c) tail current profile, (d) pre-amplifier differential voltage
(gain) of the two comparators, and (e) input referred noise voltage obtained by enabling the noise of only the pre-amplifier stage for the two
comparators: Dynamic bias and Elzakker for 1-mV differential input at
VCM = 0.6 V and VDD = 1.2 V.
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the pre-amplifier of the dynamic bias comparator changes from approx. 0.22
mV for SS corner to 0.36 mV for the FF corner at VCM =0.6 V. The energy
consumption per comparison changes from approx. 26 fJ/comparison for the
SS corner to 40 fJ/comparison for the FF corner at VCM =0.6 V.
Note that, if the pre-amplifier is not loaded with the latch, then in the case
of dynamic bias, the differential voltage AV · ∆VIN would remain on the Di
nodes until the reset phase, while in the conventional pre-amplifier, the input
transistors enter triode and will short the Di nodes. In the actual comparator,
the kickback from the latch changes this behavior and with small inputs, the
kickback can actually reverse the Di nodes. However, the kickback has no
effect on the latch’s final outcome, nor on the input referred noise, as it occurs
once the decision has been made and the latch output has crossed the threshold voltage. The tail current for the dynamic bias comparator exponentially
decreases with time. On the other hand, the tail current is relatively constant
for the pre-amplifier in the case of Elzakker’s comparator. Since the average
tail current in the pre-amplifier for Elzakker’s comparator is higher than the
tail current in the dynamic bias comparator, the former has a higher speed of
operation (or lower propagation delay). In order to make the propagation delay of the Elzakker comparator equal to that of the dynamic bias comparator
for a given noise performance, both the designs need to have the same gm/Id
(or the same (VGS − VT ) ). For a given differential pair and load capacitance,
this can be done by increasing the resistance of the tail switch transistor M3 in
Elzakker comparator so that the differential pair operate at similar overdrive
voltage, (VGS − VT ) as in the case of the dynamic bias comparator. This can be
done for example, by increasing the length of the transistor M3. Simulations
show that in order to achieve this, the length of the tail transistor M3 for the
Elzakker comparator should be approximately 9 · LMIN , wherein the length of
tail switch transistor for the Dynamic bias comparator is LMIN . Furthermore,
simulations indicate that the two comparators then have comparable noise
performance for the same output capacitance, CP . The drain nodes of the
pre-amplifier for the Elzakker comparator, however, will discharge to ground
at the end of comparison phase. Therefore, even if the propagation delay is
made similar for both the comparators, the energy advantage for the dynamic
comparator holds, because its output nodes do not discharge to ground.
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3.7

Measurement Results

In order to measure the input referred noise for both the comparators a static
differential input voltage, ∆VIN is applied and many comparisons are performed. From that data the ratio of the number of outcomes resulting in
“OUTPUT =VDD ” to those in “OUTPUT = 0” is computed. This process is
repeated for small increments in ∆VIN to generate the cumulative distribution
function (CDF) for the probability of getting “OUTPUT =VDD ” as a function
of ∆VIN . Fitting the measurements to a Gaussian CDF, as shown in Fig. 3.7
indicates an rms input referred noise voltage of 0.4 mV for the dynamic bias
comparator and 0.45 mV for Elzakker’s comparator.

(a)

(b)

Figure 3.7: Measured cumulative probability density distribution and fit to
Gaussian distribution for (a) dynamic bias comparator and (b) Elzakker’s
comparator; VCM = 0.6 V.

For the dynamic bias comparator for an input common voltage of 0.6 V,
equation 3.15 estimates an input referred noise contribution of 0.32 mV from
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the pre-amplifier. This is approximately 20% lower than the measurement
result of 0.4 mV as equation 3.15 does not include the noise contribution from
the latch stage. Simulations indicate that the noise contribution from the latch
stage for dynamic bias comparator is around 0.09 mV.
Assuming that the two noise powers are uncorrelated, the total input referred noise voltage from the analytical model is around 0.34 mV. The estimated noise from the equation is 15% less than the measured input referred
noise voltage of 0.4 mV for VCM = 0.6V. Simulations indicate that 1/f noise
contributes around 10% of the comparator noise. The difference in the estimated noise from the analytical model and the measurement results can be
attributed to the exclusion of 1/f noise in the equations in Section 3.5.

Figure 3.8: Input referred noise measured as a function of VCM for Elzakker’s comparator and the dynamic bias comparator.

Fig. 3.8 shows the input referred noise voltage for the two types of comparators as a function of VCM derived from the CDF. It can be seen that
the input referred noise voltage decreases with decrease in VCM for both the
comparators. This is because the overdrive voltage, (VGS − VT ) of the transistors M1 and M2 for the input differential pair decreases with decrease in
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VCM . This results in a higher gm/Id at lower input common-mode voltage.
Since the input referred noise variance is inversely proportional to the gm/Id,
according to equations 3.12 and 3.15, therefore, this results in a lower input
referred noise voltage for decrease in input common-mode voltage. The decrease in input referred noise voltage with decreasing VCM as seen from Fig.
3.8 follows the trend similar to that in Fig. 3.5 wrt decreasing (VGS − VT )
(where VG = VCM and Vs ≈ 0.3V). Fig. 3.9 shows the energy consumption
versus input differential voltage, highlighting the reduction in overall energy
consumption for various input common-mode voltages. The energy consumption per comparison for the dynamic bias comparator is approximately 34
fJ/comparison, whereas it is 88 fJ/comparison for the Elzakker comparator
for 1-mV differential input at VCM = 0.6V. With increase in input commonmode voltage, the output common voltage drop at the Di nodes (∆V Di,CM )
also increases until it reaches the maximum value (as was calculated in equation 3.8). This results in an increase in the energy consumption of the dynamic
bias comparator from 34 fJ/comparison for VCM = 0.6 V to 45 fJ/comparison
for VCM = 0.9 V.
The convergence of the output common-mode voltage drop, (∆V Di,CM ) to
its maximum value can be seen from the nearly equal energy consumption
for VCM = 0.8 V and 0.9 V. The dynamic bias comparator consumes approximately 2.6 times less energy than the Elzakker comparator at 1 mV differential
input for VCM = 0.6 V and around 2.1 times less energy for VCM = 0.9 V. The
minima of the energy consumption for the dynamic bias comparator occurs
for large differential inputs for which one of the pre-amplifier output nodes
does not discharge from its pre-charge value. The dynamic bias comparator
consumes approximately 2.7 times less energy than the Elzakker comparator
for a differential input voltage of around 100 mV for VCM = 0.6 V.
The absolute delay of the comparators is not measurable due to additional
delay from on-chip output buffers. Alternatively, the relative CLK-Q delay for
each input common-mode voltage is obtained for both comparators by subtracting the respective delay measured for a large differential input voltage
(∆VIN ≈100 mV) from the delay measured for smaller differential input voltages. Fig. 3.10 shows the measured relative CLK-Q delay for the dynamic
bias comparator and the Elzakker comparator versus ∆VIN for various input
common mode voltages. The logarithmic dependence of the relative CLK-Q
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Figure 3.9: Energy consumption of dynamic bias and Elzakker’s latch-type
comparator across differential input voltage range for various VCM =0.6 to
0.9V in steps of 0.1 for 1.2-V supply and 25-MHz clock.

delay on ∆VIN is due to the positive feedback of the latch stage. The slope of
the CLK-Q delay versus log(∆VIN ) for VCM = 0.6 V for the two comparators
is: -325ps/decade for the dynamic bias comparator and -120ps/decade for the
Elzakker comparator. The dynamic bias comparator has lower regeneration
speed than Elzakker’s comparator at the same VCM level. This is due to the
quenching of the output of the pre-amplifier near the threshold voltage of the
PMOS transistors (M6/M7). Due to this quenching, the latch operates in
weak inversion for a longer time for the same differential input voltage. For
applications where meta-stability can be of concern (as analyzed, e.g., in [17]),
the maximum clock frequency for the dynamic bias comparator is consequently
lower than that for Elzakker’s comparator. For large differential input signals
(>70 mV), the CLK-Q delay for the dynamic bias comparator is almost equal
to that of Elzakker’s comparator.
The dynamic bias comparator shows a higher sensitivity to the change in input
common-mode voltage for small differential inputs, especially, when changing
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(a)

(b)

Figure 3.10: Relative CLK-Q delay measured for the (a) dynamic bias
comparator and (b) Elzakker’s comparator [2] for various VCM at 1.2-V
supply.
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VCM from 0.7V to 0.6 V. The relative CLK-Q delay for differential input of
1mV increases by about a factor 2 for the dynamic bias comparator in comparison to a factor 1.5 for the Elzakker comparator when going from VCM =0.7V
to 0.6 V. This is because for VCM =0.6 V, the output common-mode voltage
drop at the Di nodes is close to the threshold voltage for the PMOS input
transistors (M6/M7) in the latch stage. This results in the latch operating
in weak inversion region of operation for a considerably long time and hence
the speed penalty. In SAR applications, this common-mode sensitivity do not
have to be a problem as for most of the energy-efficient DAC switching algorithms, e.g., split capacitor switching [18], merge and split switching [19],
swap to reset scheme [20], the common-mode voltage is kept constant during
an SAR conversion. This also prevents any signal-dependent common mode
shift at the comparator inputs. Also, it can be seen from the measurements in
Figs. 3.9 and 3.10 that for higher common mode voltages, where the relative
CLK-Q delay for both the comparators are nearly the same for small differential inputs, the dynamic bias comparator retains its energy advantage. Fig.
3.11 shows the layout of the dynamic bias comparator. Fig. 3.12 shows a die
micrograph for both the dynamic bias and Elzakker’s comparators, with the
inset showing the sizes. The area overhead for the tail capacitor in the dynamic
bias comparator is approximately 20% over that of Elzakker’s comparator.

3.8

Conclusion

In conclusion, the dynamic bias comparator presented here offers a simple,
low overhead solution to reduce the energy consumption of the pre-amplifier.
The energy saving occurs because of the partial discharge of the pre-amplifier
output nodes, which are loaded with relatively large capacitors to reduce the
noise. The pre-amplifier (dynamic) bias consists of a tail capacitor in combination with a small switch transistor. The mathematical analysis shows that
the noise performance of the pre-amplifier is independent of the integration
time and can be maximized by increasing gm/Id for a given capacitive load.
The dynamic bias keeps the pre-amplifier in the weak inversion regime for
most of the integration time in order to obtain minimum achievable noise performance for a given capacitive load. The performance of the dynamic bias
comparator can be optimized for a given common-mode voltage by tuning the
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Figure 3.11: Layout of the dynamic bias comparator

Figure 3.12: Die micrograph.Inset: the zoomed-in region for both the
dynamic bias comparator and Elzakker’s comparator. The sizes are
12.5 µm × 10 µm for dynamic bias comparator and 10 µm × 9 µm for Elzakker’s comparator.
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ratio of the tail capacitor to the load capacitor. The dynamic bias comparator has a higher CLK-Q delay, which is due to the longer operation time in
the weak inversion regime. The energy per comparison is, however, independent of the speed of operation. Therefore, for applications where speed of
operation is not the bottleneck, such as wireless sensor nodes or IoT devices,
the dynamic bias comparator is an interesting choice for reducing energy consumption. For a nominal common-mode voltage, VCM equal to 0.6 V (VDD /2),
the implemented dynamic bias comparator is about 2.5 times more energy
efficient than its predecessor, which makes it an ideal building block for such
low-energy applications.

3.9

Appendix

In this appendix, we derive the expression for the mean square output referred noise voltage for the pre-amplifier in the dynamic bias comparator for
which the tail current ITAIL is not constant. It can be approximated as an
exponentially decaying function and written as
ITAIL (t) = ITAIL (0+ )e−t/τ 1

(3.16)

where ITAIL (0+ ) is the tail current at the instant (t=0+ ) when the switch is
closed (CLK = VDD ) and τ 1 is the time constant for the tail switch-capacitor
network (M3a, CTAIL ) in Fig. 3.3(a).
Substituting ICM (t) ≈ ITAIL (t)/2 for small input differential voltages in
equation 3.3, the output common-mode voltage drop can be written as
i
h
t
ITAIL (0+ ) · τ 1 · 1−e− τ 1
∆V Di,CM (t) =

2CP

.

(3.17)

As was also analyzed in [13] and [14], the variance at the output of a filter
that is fed with non-stationary white noise can be described with a convolution
equation of the magnitude squared impulse response (|hn (τ )|2 )) and the power
spectral density Si (t) of the noise source:
σo2 (t)

1
=
2

Z

t

Si (t − τ ) · |hn (τ )|2 dτ

(3.18)

0
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where for the case of the pre-amplifier in the dynamic bias comparator,
Si (t) = 4qICM (t) is the white noise current PSD for the input differential
pair [15] in weak inversion and hn (t) = 1/CP e−t/τ 0 is the impulse response from
the noise current source to the output voltage of the differential pair [13, 14].
τ 0 is the time constant for the transconductance amplifier as defined in [13]
and [14].
Substituting for Si (t) and hn (t) in equation 3.18 results in the mean square
output noise voltage for the pre-amplifier in dynamic bias comparator
−t

 2
 2qITAIL (0+ )e τ 1
E v n,WI,out (t) =
2CP2
 2

E v n,WI,out (t) =

Z

t

2
1
eτ ( τ 1 − τ 0 ) dτ
0
!
−t
2qITAIL (0+ )e τ 1  ( t − 2t ) 
1
 2
e τ 1 τ 0 −1 .
2
τ 1 − τ 0 2CP

As mentioned in [13] and [14] for comparator-based circuits (τ 0/2)  TINT ,
since the (integration) time interval in which the circuit is observed is quite
small in comparison to the circuit time constant, so the noise approximates to
E




2
v n,WI,out (t)


=

2qITAIL (0+ )τ 1
2CP2




−t
1 − e τ1 .

Substituting for ∆V Di,CM
 2
 2q·∆V Di,CM (t)
.
E v n,WI,out (t) =
CP

(3.19)

This is the same result as would be obtained when the common mode
current is assumed to be constant during the integration time.
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Chapter 4

Range Pre-selection Sampling
technique to reduce input
drive requirement
This chapter consists of material previously published in Asian Solid State
Circuits Conference, 2017 [1].1

4.1

Abstract

In this chapter a Range Pre-selection Sampling (RPS) technique is presented
which reduces the maximum voltage change across the sampling capacitors
thereby reducing the maximum input drive current required to sample a given
full-scale input range of the signal without compromising its SNR and linearity.
In the proposed technique the input signal is compared with on-chip generated
reference voltages which are one-third and two-third of the supply voltage.
Depending on the front-end comparison, each of the one-third of the fullscale range of the input signal is respectively sampled on one of the three
sample capacitors. This Range Pre-select Sampling is applied to a 2 MS/s
SAR ADC in 65nm CMOS. Measurements show that by using the proposed
RPS technique, the peak input sampling current and hence the input drive
1

Section 4.1, Figures 4.1 and 4.8 have been added to the original manuscript. Figures 4.5
and 4.7 are updated for 2MS/s operation.
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power requirement is reduced by a factor 2.4 as compared to conventional
sampling (CS).

4.2

Introduction

SAR ADCs are widely used for low power data acquisition applications e.g.
in wireless sensor nodes. Most of the recent techniques found in literature
[2–5] emphasize on lowering the Walden Figure of Merit, F oMw which now
seems to saturate near to 1 fJ per conversion-step [2, 3]. In data acquisition
systems targeted for low power wireless sensor nodes in IoTs, peripherals for
microcontroller units (MCUs), the energy consumption of the associated signal
processing and the analog front end circuitry to drive the ADC inputs can be
much higher than the ADC power consumption. More importantly, for these
IoT applications, the analog front end driving the ADC has to be always ON
to present the signal to the ADC for conversion and further processing without
significant latency or loss of critical information in case of any event detection.
This calls for a greater attention to be paid to minimize the input drive energy
of an ADC. The goal of this work is to present a Range Pre-selection Sampling
(RPS) based SAR ADC which helps to reduce the amount of energy required
to drive the ADC inputs, so that the combined energy per conversion of driver
plus the ADC is reduced.

4.3

Walden FoM vis-a-vis Input Drive Power

For state-of-the-art F oMw ADCs, VSUPPLY is below 1 V, typically 0.4 V0.7 V [2–4, 8, 9]. Although this aids in lowering the power consumption of the
mostly digital SAR ADC, it presents a greater challenge in driving the ADC as
the supply voltage scaling demands a higher sampling capacitor, CS in order
to meet its kT/C requirement. The minimum required input power to drive
an ADC is estimated for state-of-the-art F oMw SAR ADCs and compared
with the ADC power consumption PADC . An estimation for an ideal Class A
driver current (theoretical) required for slewing and linear settling, for near
Nyquist rate sampling is
IDR,MIN = N · CS ·
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TTRACK
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Here ∆VMAX is the maximum signal change on the sampling capacitor CS
and N is the number of time constants (assuming 1 for slewing and SNR/9
for linear settling) required for LSB/2 settling at the end of tracking period
TTRACK . TTRACK is typically 10%-20% of the clock period, f1S [6, 11]. As
shown in Table 4.1, IDR,MIN is typically orders of magnitude higher than the
ADC supply current, IADC for the respective ADCs. For a driver operating
at a supply voltage, VDD and considering a track period of 10% of the clock
cycle, the minimum (theoretical) required input drive power for an ideal Class
A driver PIN,MIN = VDD · IDR,MIN [6,7] for state-of-the-art F oMw ADCs is also
shown in Table 4.1. It can be concluded that the actual bottleneck for low
power data acquisition systems lies in driving CS which is not represented by
F oMw . This chapter presents a 10b charge redistribution DAC (CDAC) based
SAR ADC which introduces a Range Pre-selection Sampling (RPS) technique
to reduce the ∆VMAX and thereby reducing the input driver power without
affecting the Dynamic Range. Compared to conventional sampling (CS), the
RPS technique results in lower peak input sampling currents thereby resulting
in a lower input drive power PIN and consequently reduced energy consumption
for the driver and ADC together.

4.4

Architecture

Figure 4.1: Simplified front end for a single-ended input for the proposed
Range Pre-selection Sampling.

Figure 4.1 shows the simplified front end of the proposed sampling scheme
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for a single-ended input. As shown in Figure 4.1, the Range Pre-selection
logic block determines before sampling in which range the input signal lies by
comparing VINP and VINN to VREF1 (generated from the stepwise (dis)charging
in the DAC array [5]). Depending on the RPS block output, CDAC1, CDAC2
and CDAC3 samples the inputs for Range 1, 2 and 3 respectively. Please
note that in Figure 4.1 for simplicity, only VINP is shown to be compared with
VREF1 and VREF 2 in the RPS block. However, due to symmetrical nature of
differential inputs, both VINP and VINN can also be compared to only VREF1 .
The three ranges then expressed in terms of VINP and VINN are :
1. Range 1: VINP > VREF1 and VINN < VREF1 ,
2. Range 2: VINP , VINN < VREF1 ,
3. Range 3: VINP < VREF1 and VINN > VREF1 .
Based on the output of RPS block, either the signal Φ1 , Φ2 or Φ3 is connected to the main sampling CLK and enables the corresponding CDAC
whereas the other two CDACs are disabled.
To demonstrate effectiveness of the RPS technique and compare it with CS,
we designed a SAR ADC that can be configured for either RPS or CS modes
through an RPS EN signal, Figure 4.2. For simplicity the single-ended architecture is shown. In actual differential implementation, VDAC+ is compared to
VDAC− (instead of VHALF ). The system consists of 3 CDACs, each sampling
1/3rd of single-ended input voltage range 0 − VPK . This range pre-selection
sampling technique limits the maximum voltage change at each sampling capacitor to VPK /3 while ensuring overall full-scale operation. This is in contrast
with the conventional sampling where the entire range of input signal VINP
is sampled on a single CDAC and for higher frequencies (near Nyquist), the
CDAC experiences full-scale signal swing (VPK ). The RPS technique therefore
effectively this reduces the maximum required input drive power at high (near
Nyquist-rate) frequencies, where conventionally it is the highest. The ADC
uses a split-capacitor DAC with a unit element of only 140aF. The total DAC
capacitance for each CDAC is 145 fF which is close to the kT/C limited value
of 100 fF for 10bit accuracy for 2 V peak-peak differential input. To minimize
glitches due to offsets between the 3 CDACs they share a common comparator.
Each of the CDACs employ step-wise (dis)charging for the 3 most significant
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Figure 4.2: Charge redistribution SAR ADC full architecture integrated with Range Pre-selection Sampling
(RPS) technique
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bits in the DAC array [5]. In addition, the ADC uses an event-driven control logic designed to operate at sampling rates from 10kS/s (limited by the
bootstrapping S/H circuit) up-to 2MS/s at a 1V supply, maintaining almost
constant F oMw for a fixed supply voltage for the wide sampling range. For
e.g. if CDAC1 is selected, the corresponding bootstrapped S/H switch (S1) is
enabled. After sampling, the corresponding enable signal (EN (Φ1 )) turns on
the switch (S1b) to connect the selected CDAC (CDAC1) to the comparator
input to perform the SAR conversion cycle. When the switch S1b is OFF during sampling, the main comparator inputs are pre-charged to zero to dispose
of any charge from the previous SAR conversion, thereby resulting in no ISI.
Figure 4.3 shows the timing information together with the DAC voltages
during an A/D conversion of near Nyquist rate inputs for both the RPS and
CS techniques. In CS mode, RPS EN is disabled and SEL1/SEL2 is used to
select one of the CDACs to sample VINP and VINN on its differential DAC,
CDAC+ and CDAC-. As shown, the maximum voltage change ∆VCS occurs
at the sampling capacitor when sampling full-scale inputs (0 − VPK ) as VINP
and VINN are always sampled onto the same CDAC+ and CDAC- respectively.
This is in contrast for the RPS mode, wherein the RPS block selects one of
the CDACs to sample the inputs VINP and VINN depending on the range of
the input signal. For example, for near Nyquist rate input frequencies when
VINP and VINN alternate between Range 1 and Range 3, the RS block selects
CDAC1 and CDAC3 alternately to sample the inputs. The maximum change
(ideally) that can occur across CDAC+/CDAC- for any of the selected CDACs
in RPS mode is thus VPK
3 . This happens for instance when VINP changes from
VPK to VREF1 for CDAC1+, from 0 to VREF2 for CDAC3+ or from VREF1 to
VREF2 for CDAC2+ at successive sampling instants. This means that the peak
input sampling current required for RPS is (ideally) 3 times lower than that
required for CS and the input drive power requirement can be also lowered
by a factor of almost 3 for the RPS technique. For low input frequencies,
when the change in input signal is less than VPK
3 at each successive sampling
instant, both the RPS mode and CS mode have similar peak input sampling
current. For minimum power, the comparators in the RPS block are scaled
down in size compared to the ADC main comparator. Since the information
from the RPS block is only used to select the S/H switches, the accuracy
of its comparators and the reference voltages (VREF1 , VREF2 ) does not affect
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Figure 4.3: (a) Input signals, VINP and VINN for near Nyquist rate sampling
(b) DAC voltages for CS (c) Timing signals for RPS technique (d) DAC
voltages for RPS based ADC highlighting the reduction in ∆VRPS . For near
Nyquist rate operation when VINP and VINN alternate between Range 1 and
Range 3 at each successive sampling instant, then CDAC1 and CDAC3 are
also selected alternately to respectively sample inputs in Range 1 and 3.
This is highlighted by alternate selection of CDAC1 and CDAC3 in (d).
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the final conversion accuracy. So even if the comparator’s output in the RPS
block would be incorrect, the ADC output is still correct. In addition to the
output bits and the READY signal, the output of RPS block (SL1, SL2) is
also buffered as output from the chip, indicating to which CDAC the output
bits correspond to.
A measurement resistor, RMEAS is placed in series with the input paths
leading to the S/H switches to measure the ADC’s sampling current profile.
In order to settle with greater than 10 bit accuracy, the input impedance RIN
should satisfy the LSB/2 linear settling requirement at the end of tracking
1
. RMEAS is chosen as 1kΩ so that together with
period, N · RIN,MAX · C ≤ 10·f
S
the bootstrapped S/H switch resistance (small signal) RSW of approximately
7kΩ in our ADC, total input resistance RIN = (RMEAS +RSW ) is lower than
the theoretical limit RIN,MAX (small signal) for greater than 10 bit settling
accuracy. On-chip amplifiers measure the voltage across these resistors; their
outputs are probed off-chip using a 20 GS/s Keysight sampling scope.

4.5

Measurement Results

Figure 4.4 shows the die micrograph fabricated in a standard 65nm CMOS
process with an active area (including decaps) of 0.08 mm2 .
As evidenced by the sampling current profiles for RPS and CS in Figure
4.5 measured for near Nyquist rate sinusoidal input, the peak input current for
RPS is reduced by a factor 2.4 for fIN near to fS /2. Note that the peak input
current for the RPS based ADC occurs when sampling the inputs in range 2,
and not in range 1 or 3 as for CS. Figure 4.6 shows the simulated peak input
sampling current for both RPS and CS along with measured data points as
function of fIN for sinusoidal inputs. The overall peak input sampling current
for RPS over the entire input frequency range is 2.4 times lower in comparison
to CS. Please note that the (Class-A) ADC drivers e.g. source followers are
designed to handle maximum drive (peak sampling) currents to allow for initial
slewing and linear settling. This implies that for a Class A input driver for the
ADC, the input drive power PIN can be decreased by at least a factor 2.4 using
RPS. As highlighted in Section 4.3, for e.g. for an ideal Class A behavior, PIN
is found to be reduced from 135 µW for CS to 55 µW for RPS, for PADC of
only 6.25 µW at 2 MS/s. This shows that the driver power is dominant over
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Figure 4.4: Chip micrograph in 65nm CMOS. Measurement Amplifier is
used to measure the sampling current profile for the proposed Range PreSelection and conventional sampling techniques.

the ADC power consumption and hence the reduction in PIN by a factor 2.4
for RPS technique is quite noteworthy. Please note that this reduction in peak
input sampling current by factor 2.4 is less than the theoretical value 3 which
happens in case of (ideal) impulse sampling with zero track time.
Figure 4.7 shows the FFT of the measured ADC output for the RPS mode.
The design achieves 66 dB SFDR and 55 dB SNDR with 8.9 ENOB for a
2 MS/s operation using RPS . A design error resulted in unequal interconnect
parasitic between each CDAC to the common comparator thereby resulting
in systematic gain mismatch. The gain mismatch of the three CDACs was
measured over 7 samples. The resulting systematic gain error was calibrated
one-time in the foreground for the RPS mode. As shown in Figure 4.8 the
SFDR and SNDR of the measured ADC output for the RPS mode is respectively greater than 66 dB and 55 dB for the entire range of Nyquist input
frequencies for a 2 MS/s operation. The SFDR for the RPS mode is slightly
improved (approx. 2 dB) than that of the CS mode due to the improved
linearity of the front-end S/H operation because of smaller voltage difference
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Figure 4.5: Measured sampling current profile envelope at FS − 2 · fIN ,
for both CS and RPS for fIN = 999.9375 kHz and FS = 2 MHz. The high
density in the plot represents the envelope of the near Nyquist input signal
and the corresponding input sampling currents in CS and RPS mode,
measured by a 20GS/s Digital Oscilloscope.
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Figure 4.6: Peak input sampling current of the RPS and CS based ADCs
for the entire range of Nyquist input frequencies for a 2 MS/s operation.

Figure 4.7: FFT of the measured RPS based ADC output, normalized to
the input tone fIN = 999.9375kHz and fS = 2 MS/s.
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Figure 4.8: SFDR and SNDR of the measured ADC output for the RPS
and CS mode for the entire range of Nyquist input frequencies for a 2MS/s
operation.

across it (during sampling), thanks to the range pre-selection. As shown in
Figure 4.9, the ADC has +0.9/-0.95 LSB DNL and +1.4/-1.1 LSB INL (after foreground calibration) for RPS mode over 7 samples. This is similar to
the measured +0.8/-0.85 LSB DNL and +1.1/-1 LSB INL for the CS mode.
The maximum DNL jump occurs at mid-code which is due to the fact that
the DAC architecture is a non-segmented one and all the capacitors switch at
mid-code. Our RPS based ADC achieves a F oMw of 6.6 fJ/conversion over
a sampling rate from 10 kS/s to 2 MS/s, comparable to state-of-the-art SAR
ADCs offering such a wide range of sampling frequency [8, 9].
Please note that there is no degradation in F oMw due to the RPS technique
in comparison to CS, thereby confirming that it does not degrade the SAR
ADC performance. Although the RPS technique does seem to have an area
penalty, however from a system perspective (including driver) the reduction
in the bias current requirement of the preceding driver stage by a factor 2.4
outweighs this DAC area overhead. Also the CDACs which are disabled for a
selected range act as additional decap. Table 4.1 compares the performance
of the proposed RPS based SAR ADC to state-of-the-art F oMw SAR ADCs.
It is to be noted that the measured power for both RPS and CS in our ADC
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Figure 4.9: INL and DNL characteristics of the ADC in RPS mode. INL
shown is obtained after foreground calibration done for systematic (error)
gain mismatch for 3 CDACs.

is approx. a factor 3 more than the theoretical minimum. This is because
RIN (large signal) is almost 3 times less than RIN,MAX to avoid limiting the
linearity of the SAR ADC at the front end sampler for the wide sampling range
up to 2 MS/s and to meet LSB/2 settling accuracy for the tracking bandwidth.
Since the peak sampling current is equal to the maximum voltage step divided
by this RIN , hence the measured peak sampling current and consequently the
input drive power is approx. a factor 3 greater than the theoretical value.

4.6

Conclusion

A proof-of-concept for the Range Pre-selection Sampling (RPS) technique has
been demonstrated in a 10b 2 MS/s SAR ADC to reduce its input drive
power requirement which is very seldom addressed. The RPS based SAR ADC
reduces the peak sampling current requirement by 2.4 times as compared to
CS. This 2.4x reduction in peak sampling current by RPS is 1.65 times higher
than the reduction through energy reduced sampling technique as reported
in [10]. Considering an ideal Class A behavior, the input power can be reduced
from 135 µW for conventional sampling to 55 µW for the case of RPS in
our ADC, while the ADC dissipates 6.25 µW. Since the input driver power
consumption is order of magnitude greater than the ADC power, this reduction
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Technology
Resolution [bits]
Supply Voltage [V]
Max. Sampling Rate [MS/s]
Ideal diff input voltage
swing, VP K−P K [Volts]
ADC Power Consumption [in µW]
EN OBNyq [bits]
Theoretical Input (drive)
Power, PIN,min [in µW]
Measured Input (drive)
Power,PIN [in µW]
Walden FoM [in fJ/conv-step]
Area [in mm2 ]

This work
with RPS with CS
65nm
65nm
10
10
1
1
2
2

Hsieh
VLSI 2016 [3]
90nm
11
0.3
0.6

Harpe
ESSCIRC 2012 [8]
65nm
10
0.7
2

Liou
ISSCC 2013 [9]
90nm
10
0.7
4

2

2

1.2

1.4

1.4

6.25
8.9

6.25
9

0.62
9.4

4
9.3

15.7
9

16

40

36

50

600

55

135

No data

No data

No data

6.6
0.08

6.1
0.05

0.44
0.04

2.8
0.05

5.2
0.04

Table 4.1: Table of comparison of RPS based ADC with state-of-the-art
Walden FoM SAR ADCs

in input driver power by a factor 2.4 is significant in reducing the overall driver
plus the ADC power dissipation.
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Chapter 5

A 10b flexible SAR ADC
using input signal range
dependent swapping
This chapter consists of material previously published in IEEE VLSI Symposium, 2019 [1] which was re-structured for readability in thesis form 1

5.1

Abstract

A 10b flexible SAR ADC is presented in this chapter incorporating a selfquenched dynamic bias comparator (Chapter 3) and a self-triggered asynchronous delay line. In order to provide flexibility in terms of supply voltage
and consequently, Full-Scale Input Range, (FSIR), the non-linear (sample)
charge component associated with the signal dependent comparator input capacitance is prevented by isolating the comparator input from the sample DAC
capacitor during the tracking period. The ADC is fabricated in 65nm CMOS,
occupies 0.04mm2 and has an ENOB > 9bit and SFDR > 66 dB for sampling
rates from 0.2 to 8MS/s at supply voltages respectively from 0.7V to 1.3V
with a Walden FoM from 0.35 to 2.5fJ/conv-step. In order to relax the input
drive requirement, the differential inputs are first compared to each other be1

In this chapter, Sections 5.3, 5.4.1, Figures 5.4(b), 5.7 and Table 5.2 have been added in
comparison to the original publication [1]
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fore sampling. Depending on the comparison result, the upper half of either
of the differential input is always sampled on the positive DAC and vice-versa
the lower half is sampled on the negative DAC. This reduces the maximum
voltage change across the sample capacitor by a factor 2 in comparison to the
conventional sampling without having any area penalty.

5.2

Introduction

SAR ADCs have high energy efficiency and are used in many IoT applications
and low power radios. For these applications, sample rates vary from 0.1 to
10 MS/s [2–5]. ADCs achieving lowest Walden Figure-of-Merit, F oMw [2, 3]
reach that high energy efficiency only at a (few) fixed operating point(s). On
the other hand, ADCs [4–7] demonstrating flexibility over supply voltage, VDD
or sample rates do not achieve low F oMw . This work introduces a low F oMw
SAR ADC that demonstrates flexibility in operation over VDD and sample rates
and in addition also relaxes the input drive requirements. Main challenges for
an energy efficient flexible SAR are: 1) kT/C and comparator noise at small
VDD (or full-scale input range, FSIR) 2) distortion due to the (non-linear)
sample charge associated with comparator’s input and e.g. (sample) switches
at large VDD (or FSIR) and 3) switching energy (CV 2 ) associated with the
DAC. Majority voting [8] can be used to address the challenge in 1) but,
at low sample rates and requires delay tuning and energy overhead in the
delay line controller. Excluding comparator and switch effects, the absolute
minimum sampling capacitance, CS for kT/C limited operation at a 1VP−P
input for 10-bit resolution is around 100fF, whereas unit cell mismatch and the
non-linear (comparator) input capacitance typically requires CS to be about
250fF for < 1LSB INL/DNL for 10 bit operation [8, 9]. This work achieves
an energy-efficient flexible SAR ADC by 1) using a low noise dynamic bias
comparator [10] for which the input referred noise scales with VDD to attain
a near constant ENOB 2) isolating the comparator from the DAC during
sampling thereby preventing distortion due to the non-linear sample charge
3) using a CS close to the mismatch limit (175 fF) and (4) using a low power
self-triggered delay line. The ADC further relaxes the drive requirements by
sampling half of the Full-Scale Input Range (FSIR) on each of the differential
DAC capacitor. This effectively reduces the maximum voltage change at the
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sample capacitor and the maximum input charge required for a given FSIR
by a factor 2. The structure of the chapter is as follows. Section 5.3 presents
the proposed sampling and how it differs from the conventional one in terms
of achieving linearity over wide range of signals. Section 5.4 shows the overall
ADC architecture highlighting the input range dependent swapping to reduce
input drive energy and integration of the dynamic bias comparator with the
asynchronous delay line. Section 5.5 presents the measurement results over a
wide range of supply voltage (0.7 - 1.3 V) and sample rates (0.2 - 8 MS/s).
Section 5.6 concludes the chapter by highlighting the performance benefits of
this energy-efficient flexible SAR ADC in comparison with other state-of-theart ADCs.

5.3

Sampling : Conventional v/s Proposed

Fig. 5.1 (a) shows the simplified block diagram of a single-ended SAR ADC for
a conventional sampling mechanism where the comparator is always connected
to the DAC capacitor (CDAC ), during both the tracking and SAR conversion
cycle. The sampled charge at the end of tracking period (at time t1) therefore
comprises of the charge associated with the CDAC and the charge associated
with the (parasitic) input capacitance of the comparator, CCMP . The sampled
charge, QSample at time t1 can be written as,
VIN
Z (t1)

QSample = CDAC · VIN (t1) +

CCMP (VDAC ) · dVDAC

(5.1)

0

During the conversion process, the switch S1 is open and the comparator
compares the DAC voltage, VDAC to the reference voltage, VREF at each SAR
conversion clock cycle. Depending on the result of this comparison the DAC
code is updated at each conversion clock cycle such that at the end of conversion (tEoC ) the voltage VDAC (tEoC ) is within ±LSB/2 resolution voltage
(± VLSB
2 ) of the reference voltage, VREF . The charge at the end of conversion,
QEoC can be then written as,
VDAC
Z (tEoC )

QEoC = CDAC · VDAC (tEoC ) +

CCMP (VDAC ) · dVDAC

(5.2)

0
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(a)

(b)

Figure 5.1: (a) Single-ended representation of a conventional SAR ADC
where the (parasitic) input capacitance of the comparator, CCMP is always
connected to the DAC capacitor, CDAC (b) Proposed SAR ADC block
diagram where the comparator’s (parasitic) input capacitance, CCMP is
isolated from the DAC capacitance, CDAC through switch S2 which is open
during tracking period.
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The output code, DOUT corresponding to the sampled input voltage, VIN (t1)
is proportional to the amount of charge redistributed in the DAC in order to
bring the DAC voltage, VDAC to within ± VLSB
of the reference voltage, VREF .
2
Since the amount of charge redistributed in the DAC is equal to the difference
in its initial value that is at the end of tracking (QSample ) and the final value
that is at the end of conversion (QEoC ), therefore DOUT can be written as,
DOUT ∝ QEoC − QSample

(5.3)
VDAC
Z (tEoC )

DOUT ∝ CDAC · [VDAC (tEoC ) − VIN (t1)] +

CCMP (VDAC ) · dVDAC
VIN (t1)

(5.4)
where VDAC (tEoC ) ≈ VREF ± VLSB
2 .
As it can be seen in equation 5.4, the net charge redistributed (QEoC −
QSample ) comprises of the desired linear component, that is, CDAC · VIN (t1) but
also compromises of a non-linear term (due to signal dependent CCMP ), that is
VDACR(tEoC )
CCMP (VDAC ) · dVDAC . It is the latter term that results in distortion
VIN (t1)

in the output code DOUT . In order to suppress the effect of this non-linearity,
most of the SAR ADCs choose CDAC which is an order of magnitude higher
than the kT/C (or mismatch) limit.
In the case of proposed sampling as shown in Fig. 5.1 (b), the comparator
input is isolated from the DAC capacitor, CDAC (and also the external input
signal, VIN ) through switch S2 , which is open during the track interval. Note
that during the tracking period, the voltage at the input of the comparator
is within ± VLSB
of the reference voltage, VREF due to the previous SAR con2
version. The sampled charge on DAC capacitor, CDAC at the end of tracking
period at time t1 and the charge at the input (parasitic) capacitance, CCMP
of the comparator are respectively given as
QSample = CDAC · VIN (t1)

(5.5)

VCMP
Z (t1)

CCMP (VCMP ) · dVCMP

QCMP =

(5.6)

0
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where VCMP (t1) ≈ VREF ± VLSB
2 .
For conversion, the switch S1 is open and switch S2 is closed. During
the conversion process, similar to the case of conventional sampling, the SAR
algorithm updates the DAC code after each bit comparison cycle so that at
the end of conversion (near critical LSB comparison), the voltages at the
DAC (VDAC ) and comparator input (VCMP ) are within ± VLSB
of the reference
2
voltage, VREF . The total charge near the tEoC can be written as
VCMP
Z (tEoC )

QEoC = CDAC · VREF +

CCMP (VCMP ) · dVCMP

(5.7)

0

where VCMP (tEoC ) ≈ VREF ± VLSB
2 . The output code, DOUT at the end of
conversion is proportional to the charge redistributed to bring the VDAC within
± VLSB
of the reference voltage, VREF . Similar to equation 5.4, DOUT for the
2
proposed sampling is proportional to the difference in (total) initial charge at
the end of tracking, that is, QSample + QCMP to the (total) charge at the end
of conversion, QEoC

DOUT ∝ QEoC − QSample

(5.8)
VCMP
Z (tEoC )

DOUT ∝ CDAC · [VCMP (tEoC ) − VIN (t1)] +

CCMP (VCMP ) · dVDAC
VCMP (t1)

(5.9)
Since the comparator voltage, VCMP both at time t1 and at the end of
conversion (tEoC ) is within ±VLSB /2 of the reference voltage, VREF , therefore
the difference in charge (or the net integral area) associated with CCMP is
negligible and equation 5.9 reduces to
DOUT ∝ CDAC · [VCMP (tEoC ) − VIN (t1)] + CCMP · VRES

(5.10)

where VRES is the (residual) voltage difference at the comparator input
at the end of two (successive) SAR conversion cycles and is within ±VLSB /2.
Equation 5.10 shows that the final output code consists of linear CDAC term
which is the desired signal (VIN ) component and the effect of non-linear capacitance, CCMP is significantly reduced. This now allows for CDAC to be close to
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the kT/C or mismatch limits. Since, the effect of non-linear charge component
is suppressed, it allows for processing a wide range of input signal magnitude
(or supply voltage) without degradation in the linearity of the ADC.

5.4

ADC Architecture

(a)

(b)

Figure 5.2: (a) Conventional front-end sampling where each of CDAC+ and
CDAC− track respectively the entire range of the inputs VINP and VINN (b)
Proposed Swapping front-end sampling where CDAC+ and CDAC− track respectively the upper and lower half of the inputs VINP and VINN .
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5.4.1

Input range dependent swapping

In a conventional SAR ADC with differential inputs as shown in Figure 5.2(a),
each of the differential inputs, VINP and VINN are respectively tracked and
sampled by the differential CDAC , CDAC+ and CDAC− . For the input signal,

VINP = 0.5 · VPK + 0.5 · VPK sin 2πfIN t , the change in voltage at the CDAC+
for two successive sampling instants t = fnS and t = n+1
fS can be written as,

∆VDAC,conv
∆VDAC,conv





n+1
n
= 0.5 · VPK sin 2πfIN
− 0.5 · VPK sin 2πfIN
(5.11)
fS
fS




fIN
fIN
· sin π
(5.12)
= VPK · cos (2n + 1)π
fS
fS

In the above equation 5.12, the maximum value of ∆VDAC for the case of
conventional sampling can be written as 2 ,



fIN
|∆VDAC,conv,max | = VPK · sin π
fS


(5.13)

In the proposed input range dependent swapping front-end, each differential half of the CDAC , that is CDAC+ and CDAC− handle respectively (only)
VPK
the upper ( VPK
2 − VPK ) and lower half (0 − 2 ) of either differential input
(VINP and VINN ). Since the decision threshold for such a sampling front-end
is at VPK
2 , therefore the change in voltage across the sample capacitors for two
successive sampling instants can be written as,

∆VIN,swap



n+1
= 0.5 · VPK + 0.5 · VPK sin 2πfIN
− 0.5 · VPK
fS



∆VIN,swap
2

fIN
= 0.5 · VPK · sin 2(n + 1)π
fS


(5.14)

Please note that the maximum value of the cosine term in equation 5.12 for a given
ratio can be unity for some integer value of n.
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for any integer ‘n’
The maximum value of ∆VIN,swap as a function of ffIN
S
can be written as,


fIN
|∆VDAC,swap,max | = 0.5 · VPK · sin 2π
(5.15)
fS
As shown in Fig. 5.2 the maximum change in voltage across the sampling
DAC is reduced by a factor 2 throughout the Nyquist range of input frequencies
for the input range dependent swapping in comparison to the conventional
case.

Figure 5.3: (MATLAB) simulated maximum and RMS change in voltage
across the sampling DAC for both the conventional and proposed sampling.

5.4.2

Circuit Details and Implementation

The SAR ADC uses a self-quenched dynamic bias comparator [10], see Fig.
5.5. In a dynamic bias comparator [10], the drain nodes of the pre-amplifier are
prevented from discharging to ground at the end of comparison by a switched
tail capacitor (CTAIL ). In this SAR ADC, a low leakage self-triggered delay
line is used (Fig. 5.5) that resets the comparator as soon as its output is
latched thereby preventing any further energy dissipation. As shown in Fig.
5.4, the drain nodes of the pre-amplifier do not discharge to ground at the
end of comparison, which reduces the reset energy by atleast a factor 2 in our
design. At VDD = 0.7 V, the input referred noise for the comparator is about
0.7 mV (around the same order of magnitude as quantization noise) for an
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(a)

(b)

Figure 5.4: Timing waveforms of the Dynamic Bias comparator are shown
for (a) 0.7V, 200kS/s and (b) 1.3V, 8MS/s SAR operation for near LSB
input. The Dynamic Bias comparator reset energy is reduced by atleast a
factor 2 throughout the wide range of operation of SAR ADC.
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Figure 5.5: Self-Quenched Dynamic Bias Comparator [10] integrated with a self-triggered delay line block for
Nth bit of SAR cycle. START(N) represents the DAC ready pulse for the Nth bit. HVT transistors reduce
the leakage current for the logic block.

5. A 10b flexible SAR ADC using input signal range dependent
swapping
integrating capacitance (Fig. 5.5), CP ≈ 7 fF and the energy consumption
of the comparator per SAR cycle is about 55 fJ. At VDD = 1.3 V, the input
referred noise is about 1.1mV and the energy consumption is approximately
400 fJ per SAR cycle.
In comparison to the fixed delay line architecture in [2, 3, 11, 12], our selftriggered delay line allows for scalability in speed wrt VDD and optimizes the
energy consumption for each operating point. During sampling, the delay
line is reset and the comparator CLK = 0. During conversion, the rising
START(N) pulse initiates the Nth-bit comparator operation by making CLK
= VDD . As soon as either of the comparator’s output reaches VDD and the bit
is latched into the output register, the CLK is discharged to ground and the
comparator is reset. The duration of the timing signals for this self-triggered
asynchronous delay line depends on the comparison time. Please note that
the latched comparator outputs, LATCH+ and LATCH− are used in the
asynchronous detection to avoid any false reset before the valid comparator
output bit is stored. The energy consumption of the self-triggered delay line
controller at 0.7 V and 1.3 V supply is approximately respectively 60 fJ and
450 fJ per SAR cycle. Fig. 5.4 shows the simulated waveforms for the dynamic
bias comparator integrated with the asynchronous delay line for a near LSB
differential input. It can be seen that the asynchronous logic element detects
and resets the comparator (as soon as its output is latched) thereby preventing
the complete discharge of drain nodes for the entire range of flexible ADC
operation (0.7 V - 1.3 V).
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Figure 5.6: 10b SAR ADC architecture with 2x reduction in maximum voltage change at the sampling
capacitors. Swapper (SWP2) between the DAC and comparator keeps the comparator offset same for both
the swapped and non-swapped signal paths. Swapper (SWP3) at the output of the comparator keeps the
overall SAR loop convergent.

5. A 10b flexible SAR ADC using input signal range dependent
swapping

Figure 5.7: Timing Sequence for the proposed input range dependent
swapping SAR ADC architecture. The incoming sample clock (CLK) turns
ON the front end comparator which then decides whether to SWAP the
input paths or not. The end of tracking period is denoted by the falling
edge of the CLK.

Fig.5.6 shows the complete ADC architecure. Fig. 5.7 shows the timing
signals for the proposed input signal dependent swapping based SAR ADC
for near Nyquist input signal. The incoming main sample CLK turns ON the
FE comparator. The differential inputs (VINP and VINN ) are first compared
before sampling. Depending on the result, input signal in the range (0 to
VPK /2) is sampled on CDAC− and the complimentary input range (VPK /2
to VPK ) is sampled on CDAC+ . This swapping (logic) of the input signals is
similar to [13]. The maximum change in the sample voltage across consecutive
sampling instants is reduced by a factor 2 throughout the Nyquist band of
input frequencies for our architecture compared to the conventional SAR ADC.
This results in a reduced input drive energy for our ADC for a given FSIR and
SNR [13]. Please note that this reduction in input drive energy is achieved
without any area overhead. It is to be noted that the end of tracking period
106

5.5. Measurement Results
is always defined by the falling edge of the main sample CLK. Additional
swapping is performed inside the SAR loop by SWP2 in order to make sure
that the comparator offset is same for both the swapped and non-swapped
paths and to avoid any distortion thereof.
Swapper SWP2 is turned OFF during sampling thereby isolating the nonlinear (signal dependent) comparator’s input capacitance from the DAC array.
The sampled input charge therefore does not include signal dependent (nonlinear) components. This allows our architecture to operate over wide range
of supply voltage (and FSIR) at a near constant resolution and linearity. Improved linearity associated with the input sampling allows the ADC to use
a CS close to mismatch limits. During the tracking period, the comparator
inputs are reset to ground to prevent any Inter-Symbol Interference (ISI) or
memory effects from the previous conversion. The ADC uses a split monotonic
DAC array [14] with single-ended capacitance, CS = 175f F . The energy con2 . A
sumption of conventionally switching the DAC array is EDAC = 2 · CS · VDD
3-step charge-discharge sequence [12] is used for the 2 MSBs which contribute
towards 75% of the DAC switching and reset energy. This 3-step chargedischarge mechanism reduces the overall DAC switching and reset energy by a
factor 2. This results in a DAC switching energy, EDAC being approximately
85fJ for 0.7V and about 360fJ for 1.3V operation.

5.5

Measurement Results

Fig. 5.8 shows the die micrograph of the SAR ADC (area: 0.04 mm2 ) in 65nm
CMOS. The area occupied by the two step-wise charging capacitors is also
included in the ADC active area. Fig. 5.9 shows the FFT of near Nyquist
input for 0.7V(200kS/s) and 1.3V(8MS/s) operation. As it can be seen the
degradation in SFDR is only 1dB for the 0.7 V and 1.3 V operation for near
Nyquist input frequency. Fig. 5.10 shows the SFDR and SNDR over the range
of input frequencies for 0.7 V(200 kS/s) and 1.3 V(8 MS/s) operation. The
SFDR for both the cases is above 66 dB throughout the range of Nyquist
input frequencies and the SNDR is above 56.5dB (>9.1b) for 0.7V(200kS/s)
and above 57.5 dB (>9.3b) for 1.3 V(8 MS/s) operation. The peak INL
and DNL performance at 0.7V(200kS/s) is respectively 1LSB and 0.8LSB.
At 1.3 V(8 MS/s) operation the INL and DNL is respectively 1.1 LSB and
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Figure 5.8: Die micrograph in 65nm CMOS process of the ADC core area
including the step-wise charging capacitors used to reduce DAC switching
energy. The total active area is 0.04mm2 .

Figure 5.9: FFT of a near Nyquist input frequency for (a)0.7V, 0.2MS/s
and (b) 1.3V, 8MS/s operation
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Figure 5.10: SNDR and SFDR for the entire Nyquist range of input frequencies for (a)0.7V, 200kS/s and (b) 1.3V, 8MS/s operation

Figure 5.11: Measured INL and DNL for (a)0.7V, 0.2MS/s and (b) 1.3V,
8MS/s operation
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Figure 5.12: Walden Figure-of-Merit and Maximum sampling rates
achieved for various supply voltage

0.55 LSB as shown in Fig. 5.11. Fig. 5.12 shows the max. sample rates
and F oMw for the corresponding supply voltage. The Walden FoM, F oMw
increases below 0.7 V due to ENOB degradation (<9b). In comparison to
the flexible SAR ADCs in [6, 7] our SAR ADC has the lowest F oMw over the
entire range of operation.

5.6

Comparison with state-of-the-art and Conclusion

Table 5.1 compares our SAR ADCs with the lowest F oMw ADCs (< 1fJ/convstep) [2, 3]. At 0.7V our ADC achieves the lowest F oMw which is 1.2x lower
than in [2]. It is to be noted that the measured performance as shown and
mentioned in [2] is after a) doing a foreground off-chip calibration (to remove
multi-comparator offset) and b) performing a four- time averaged FFT, which
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This work
Technology
Resolution [bits]
Supply Voltage [V]
Sampling Rate [MS/s]
EN OBN yq [bits]
Input Sample Capacitance [pF]
Power Consumption [in µW ]
Walden FoM [in fJ/conv-step]

65nm
10
0.7 - 1.3
0.2 - 8
9.1 - 9.4
0.175
0.038 - 14
0.35 - 2.5

Calibration

No

Hsieh
VLSI 2016 [2]
90nm
11
0.3
0.6
9.45
0.85
0.19
0.44
Yes, off-chip
foreground offset
calibration

Tai
ISSCC 2014 [3]
40nm
10
0.45
0.2
8.95
0.85
0.084
0.85
No

Hsieh
ISSCC 2018 [11]
90nm
13
0.4
0.27
11.95
5.4
0.64
0.61
Yes, off-chip
foreground offset
calibration

Table 5.1: Table of comparison with lowest Walden Figure-of-Merit ADCs
(< 1f J/conv − step)
This work
Technology
Resolution [bits]
Supply Voltage [V]
Max. Sampling Rate [MS/s]
EN OBNyq [bits]
Input Sample Capacitance [pF]
Power Consumption [in µW]
Walden FoM [in fJ/conv-step]

65nm
10
0.7 - 1.3
0.2 - 8
9.1 - 9.4
0.175
0.038 - 14
0.35 - 2.5

Liou
ISSCC 2013 [6]
90nm
10
0.4 - 0.7
0.5 - 4
8.7 - 9.1
5
0.5 - 11
2.5 - 5.2

Liu
JSSC 2014 [7]
130nm
10
0.6 - 1.2
10 - 50
8.9 - 9.2
2.5
46 - 826
9.6 - 29

Chen
VLSI 2014 [15]
90nm
10
0.4 - 0.5
0.25 - 1
8.63 - 8.75
Not mentioned
0.2 - 1.2
2.02 - 2.8

Table 5.2: Table of comparison with flexible SAR ADCs

are not performed in our measurements. Table 5.2 compares the performance
of our SAR ADC with other flexible architectures. It can be seen that our ADC
achieves a 40x wide sampling range and the lowest Walden FoM throughout
the range of operation in comparison to [6,7,15] with >9b resolution throughout. In conclusion our ADC achieves the lowest reported F oMw at 0.7 V, is
flexible over a wide range of supply voltage and sampling frequencies with a
low F oMw and with an ENOB >9b. Further the ADC also relaxes the input
drive requirements by using 175 fF sampling capacitor and sampling only half
of the FSIR on each CS without compromising the dynamic range, thereby
making it a good candidate for integration with the low power wireless sensor
nodes.
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Chapter 6

10b SAR ADC with
integrated Class-A buffers
using a single supply voltage
This chapter consists of material previously published in IEEE Custom Integrated Circuit Conference, 2019 [1]1

6.1

Abstract

In this chapter, a 10b differential SAR ADC integrated with unity gain (ClassA) voltage buffers is presented where both the buffer and the ADC operate
from a single supply voltage 1.2 V and handle near rail-to-rail inputs. The
architecture makes use of the input drive energy reduction technique presented
in Chapter 5 wherein the two differential inputs are first compared before
sampling. Depending on the comparison result, the input paths are either
swapped or routed straight to the buffer inputs. This means that each of the
two buffer inputs need to handle (only) a fixed range (one-half) of the input
signals. After the front-end coarse comparison and routing the signal paths
(in swapped or straight manner) to the buffer inputs, these signals are then
buffered, sampled and converted. Since each of the two buffers handle only
1

Section 6.1 is added and in Table 6.1, comparison to [9] presented at the same conference,
was added for benchmarking with similar integrated (Class-A) Buffered ADCs.
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half of the full-scale range, only PMOS and NMOS input stage can be used
by respective buffers for handling the lower and upper half of the input signal.
This enables operation of the Class-A buffers at the ADC supply voltage while
providing an overall near rail-to-rail (full-scale) input range for conversion.
The buffered ADC can handle 2 VP−P differential input and consumes 149 µW
at 4 MS/s to achieve a state-of-the-art Walden FoM of 87 fJ/conversion-step
including buffers. The buffered ADC was designed in a 65nm CMOS process
and occupies a total area of 0.075 mm2 .

6.2

Introduction

Most energy efficient SAR ADCs find application in low power IoT nodes,
wherein the sensors usually have low output power drive capability and cannot drive the (relatively) large sample capacitor (CS ) of the ADC. SAR ADCs
have a large (rail-to-rail) input range and thus a buffer circuit is required
that can handle near rail-to-rail signal swing for near Nyquist input frequencies [2]. As highlighted in [2–4], the energy consumption to drive an ADC is
not represented in the Walden FoM used for benchmarking ADCs, it is seldom
addressed and it presents a bottleneck in achieving an overall low energy consumption data acquisition system for interfacing with low power sensor nodes.
The work in [2, 9] addresses the problem of driving a SAR ADC and shields
the large sample capacitor by driving it with a Class-A buffer that has a (relatively) small input capacitance. This came at the cost of both operating the
buffer at a supply voltage which is 2x that of the ADC itself and using thick
oxide current sources to alleviate reliability issues. Other techniques to handle
rail-to-rail signal swings include charge-pumps [5] to extend the supply voltage
beyond nominal rails and using a dual, complimentary input pair buffers (both
PMOS and NMOS) [6]. The former has device reliability concerns because of
exceeding the supply rail; the latter has signal dependent offset modulation
leading to distortion. We present a differential-input SAR ADC integrated
with voltage buffers, powered at a single supply voltage level. Before buffering
and sampling, the differential inputs (VINP and VINN ) are compared with each
other. Based on this comparison, the inputs are either routed straight or crossconnected to the two voltage buffers. This way, both buffers and respective
DACs operate on only (about) one half of the full-scale input range (FSIR),
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without compromising the FSIR of the ADC. Conceptually, it has similarities
with [4] where 2/3rd and 1/3rd of either differential input range was sampled
on a specific differential DAC to reduce the maximum voltage change at the
sampling capacitor throughout the Nyquist band by a factor 1.5x. The innovation presented in this work is that the ADC includes (Class-A) buffers
that operate either on the upper or on the lower half of the FSIR, enabling
operation of both buffers at the ADC supply voltage while effectively buffering
rail-to-rail input signals.

6.3

Architecture

Fig.6.1 shows the block diagram of the SAR ADC with unity gain (voltage)
buffers, BUF+ and BUF-. Noise and offset of the front-end (FE) comparator are of no concern, since its output is not used for the ADC conversion.
Depending on the FE comparator output, SWP1 which consists of NMOS
bootstrapped switches, either connects VINP and VINN straight to VTOP and
VBOT respectively or swap the signal paths to connect vice versa during sampling. The BUF+ and BUF- inputs receive signals that are respectively in the
upper and lower half of the FSIR. Therefore, instead of conventionally having
2 single-ended buffers both handling the FSIR of the ADC, BUF+ and BUFin this work only have to handle half the FSIR. BUF- consists of a PMOS differential pair first stage and an NMOS common-source second stage in unity
gain arrangement. BUF+ is complimentary to BUF- and uses an NMOS input differential pair. This is different from [6] where each of VINP and VINN is
always connected to both PMOS and NMOS input stages thereby modulating
the gain and offset with the signal amplitude, leading to distortion. As shown
in Fig.6.1 , gain mismatch between BUF+ and BUF- results in the addition
(or subtraction) of a small (LSB level) voltage at the ADC input. The output
of the FE comparator (SWAP bit) indicates whether this (offset) voltage is
added or subtracted due to input swapping. Offset mismatch between the
buffers also results in a similar addition (or subtraction). A straightforward
correction can be applied to remove the effect of gain and offset mismatch
from the output code using the SWAP bit data. The corrected output code is
then identical to that of a conventional unbuffered differential SAR ADC.
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Figure 6.1: Block diagram of the SAR ADC integrated with unity gain buffers. All blocks operate at the same
supply voltage. ABUF+ and ABUF− (≈ 1) represent respectively the gain of the buffers BUF+ and BUF-.
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Figure 6.2: Buffered SAR ADC architecture. Swappers SWP1, SWP2 and SWP3 route the signal paths
depending on the sign of (VINP − VINN ). SWP2 is disabled during sampling to isolate the main comparator
from CDAC. Additional swapping by SWP2 brings the sampled VINP and VINN to always appear respectively
at VCOMP+ and VCOMP− for SAR conversion. Swap action performed by SWP3 keeps the SAR loop convergent.

6. 10b SAR ADC with integrated Class-A buffers using a single
supply voltage
Fig.6.2 shows the complete architecture of the proposed buffered SAR
ADC. The actual sampling action is performed on CDAC+/- by NMOS bootstrapped switches (S1/S2) that are controlled by CLK. Note that SWP1 is
disabled after the sampling phase. However its clock (φSWAP or φNOSWAP ) is
delayed wrt CLK to make sure that VINP and VINN are connected to the buffer
inputs when CLK goes LOW at the end of sampling period. This prevents
kT/C noise of the buffer’s (small) input capacitance to be added to the sampled signal (VDAC+ and VDAC− ). The SAR ADC contains 2 swappers SWP2
and SWP3 which are turned OFF during tracking. SWP2 isolates CDAC+/from the main comparator’s inputs during sampling; these inputs are reset to
ground to prevent ISI. Depending on whether SWAP = 0 or 1, SWP2 connects VDAC+ and VDAC− respectively to VCOMP+ and VCOMP− or vice versa
for the SAR conversion. This additional swapping of the signal path cancels
the comparator offset voltage inside the SAR loop (unlike in [4]) and avoids
distortion caused by this. All timing signals for the swappers and the internal
SAR conversion are generated asynchronously from a single external CLKIN.
Both the FE comparator and the main comparator inside the SAR loop use a
latch-type architecture similar to in [8]. The demands on noise performance
and drive capabilities of the FE comparator are much lower than those for the
low noise main comparator. In our design this results in a faster regeneration
(compared to the main comparator) and a much lower power consumption.
Simulations show that the slope of the regeneration time constant of the FE
comparator and the main comparator wrt change in input differential voltage
is -40ps/decade and -200 ps/decade respectively. The rate of metastability of
the ADC for a given comparison time is therefore dominated by the main comparator’s regeneration time constant. The FE comparator resolves a 1mV differential input in 0.5 ns of clock to output delay. With a slope of -40 ps/decade,
an input differential voltage (1 fV) can thus be regenerated within 1 ns of comparison time. The input capacitance of the buffer is 50 fF/20 fF respectively
for BUF-/BUF+. This is 5x lower than the single-ended DAC capacitance of
250 fF (including parasitics).
Fig.6.3 shows the timing information for near Nyquist inputs and change in
voltage at the buffers input and at CDAC+/CDAC-. SWP1 is disabled during
conversion and the buffer inputs (VTOP and VBOT ) as well as its outputs hold
the sampled signal. The non-return to zero DAC reset brings the DAC voltage
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Figure 6.3: Timing information for the SAR ADC operation with respective change in voltage at the DAC nodes and input of the buffers.
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back to the previously sampled input voltage at the end of conversion. This
reduces the maximum voltage change at the output of the buffers, thereby
reducing the initial slewing for full-scale inputs. Fig. 6.4 shows the maximum
and RMS voltage change that can occur at the input of the buffers as a function
of input frequency (fIN ). Due to the swapping at buffer inputs, ∆VMAX for
the proposed architecture is VPK /2 at half the Nyquist input frequency, i.e. at
fS /4. This means that for a given FSIR (VPK ), the maximum charge delivered
by the signal source to the buffer’s input capacitance (CIN ) is QIN,MAX =
CIN · VPK /2 at fIN = fS /4 and decreases on either side (of fIN = fS /4). The
energy delivered by the signal source is therefore an order of magnitude less
than that delivered to CDAC+/CDAC- for conventional sampling without
buffering and without swapping. Simulations show that QIN,MAX is 30 fC per
sample operation for each channel, of which 18 fC is delivered to the input of
the buffer, 7 fC to the FE comparator and 5 fC to the switches in SWP1.

Figure 6.4: (MATLAB) simulated RMS and maximum change in voltage
at the input of the voltage buffers (and corresponding CDAC) for sample
and hold operation, for the proposed and conventional sampling scheme.

6.4

Measurement Results

The chip was fabricated in a 65nm CMOS process. Fig.6.5 shows the 10b SAR
ADC including input buffers and decaps that occupy an area of 0.075 mm2
(including decaps). Fig.6.6a and Fig.6.6b show the FFT of the measured data
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275µm

Figure 6.5: Die micrograph of the SAR ADC along with two unity gain
buffers BUF+ and BUF-. Total area is 0.075 mm2 .

for a near Nyquist input frequency signal: fIN = 1.99375 MHz at 4 MS/s and
1.2 V supply and 2 VPP input for the swapped (SWAP EN = ‘ON’) and nonswapped (SWAP EN = ‘OFF’) cases respectively. The distortion in the case
of non-swapped (conventional) architecture is due to the clipping of the buffer
for input swing significantly exceeding half the FSIR. The mismatch between
the buffers is calibrated only once at start-up and the additional hardware
required is just an adder/subtractor as explained in Section 6.2. Fig.6.7 shows
the SFDR and SNDR of the buffered ADC throughout the Nyquist band at
4 MS/s. The peak INL and DNL is respectively 1.2 and 0.5 LSB as also
shown in Fig.6.7. The maximum jump in the INL and DNL is around the mid
code which corresponds to the switching of all the capacitors in the binary
DAC used in this ADC. The noise and offset of the front-end comparator has
therefore no effect on the ADC’s performance which otherwise if dominant
would have shifted the maximum jump in the ADC’s output code to a few
LSBs around the mid-code.
The total power consumption of the chip is 149 µW: 9 µW for the ADC
and 70 µW for each buffer. With an ENOB of 8.73, the Walden FoM for
the buffered ADC is 87 fJ/conv-step. Table 6.1 benchmarks our buffered
ADC with the other buffered ADCs in [2, 7, 9]. Note that most of the energy
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efficient SAR ADCs do not include input buffers which limits the scope of
the comparison. For a fair comparison, the Walden FoM including the power
of both the input buffer and the ADC is computed and compared in Table
6.1. In [7] although both the ADC and the Buffer almost operate at similar
supply voltage, but the input differential signal is only half the full-scale railto-rail swing. In comparison to [2, 9], our buffered ADC does not require
an additional supply voltage for the buffers and can still handle 2VPP input
over the full Nyquist band. In comparison to [2,7,9] our buffered ADC has the
lowest Walden FoM (including both the ADC and Buffer power consumption).
Therefore, by swapping the input signal paths based on the sign of (VINP VINN ), input buffers can be used that only need to drive either half of the FSIR.
This has the advantage that the buffers do not need a separate power supply,
it saves power consumption and a linearity degrading complimentary (both
PMOS and NMOS) input differential pair is not needed to handle rail-to-rail
inputs.
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Area [in mm2 ]

0.075
(incl. decaps)

0.24
(incl. decaps)

0.08
(Core only)

Calibration

Yes, off-chip
offset correction

Yes, off-chip
DAC calibration

0.024
(Core only)
Yes, DAC calibration,
comparator offset
trimming

Technology
Supply Voltage [V]

ADC
Buffer

1.2

Max. Sampling
Rate [MS/s]
Nyquist
Bandwidth [MHz]
ENOBNyq
Diff. Input
Swing (pk to pk) [V]
Power Consumption
(ADC + Buffer)
Max. Input Charge required
per channel (QIN,MAX )
Walden FoM
(fJ/conversion)

No

Table 6.1: Comparison of SAR ADCs with integrated buffers

6.5

Conclusion

The proposed architecture uses the input (path) swapping technique introduced in Chapter 5 to present at the buffer inputs only half the full-scale
signal range for processing near rail-to-rail signal swing. This way each of the
input buffer can operate at the ADC supply voltage without compromising
the full-scale range of the ADC. The proposed buffered SAR ADC can process near rail-to-rail inputs, offers a high input impedance that can be easily
driven by a low power sensor and has low power consumption, making it an
excellent choice for IoT applications. The buffered SAR ADC operates from
a single supply voltage (1.2 V) and alleviates the need of any additional supply voltage level to interface with wireless sensor nodes. It achieves a lowest
reported Walden FoM of 87 fJ/conv-step (including buffers) to the best of our
knowledge and provides a 2 VPP differential FSIR.
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Chapter 7

Summary and
recommendations for future
research
This chapter summarizes this thesis, and lists the original contributions present
in this work. The chapter concludes with recommendations for future work.

7.1

Summary

Analog-to-digital conversion forms the heart of any sensing, signal acquisition
and data transmission unit. Over the years, the standalone energy consumption of an ADC, specially SAR ADC has decreased tremendously resulting
in a staggering low Walden FoM of <1 fJ/conv-step. However, the interaction of a SAR ADC with its peripheral circuitry such as an input sensor node
that needs to drive the (large) sampling capacitor has been largely unexplored
or unattended. Further decrease in the energy consumption of a standalone
SAR ADC, without paying attention to reduce the energy required to drive
its sampling capacitor would not be helpful in minimizing the overall energy
consumption of a data acquisition system. This thesis investigated energy
reduction techniques of both the ADC and the analog input circuitry responsible for driving an ADC and demonstrated design solutions that minimize the
overall energy consumption of an ADC and the preceding analog input buffer.
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Chapter 1 gives an overview of the demands of an ADC in a typical IoT
system, highlighting an important aspect in the energy consumption of a data
acquisition system : the input drive energy and its absence from the Walden
Figure-of-Merit. The theoretical analog input drive energy for state-of-the-art
ADCs are quantified with respect to their ADC supply energy consumption
highlighting the importance of reducing this drive energy. The chapter gives
a brief overview of some of the basic definitions related to an analog-to-digital
converter used in the scope of this thesis. The general trends in the energy
reduction of the ADCs over the years, especially SAR and their Walden Figureof-Merit is bench-marked. The chapter provides a motivation in the selection
of SAR ADC among other data converter architectures for a low power IoT
application. Finally, a chapter-wise organization of the thesis is provided.
Chapter 2 then describes the basic SAR algorithm with a focus on the
charge-redistribution DAC type of architecture. It then highlights various energy reduction techniques used over the years for lowering the Walden Figureof-Merit of SAR ADCs. Some of the extensively used energy-efficient DAC
switching techniques such as split capacitor, monotonic, VCM based and splitmonotonic are discussed. Also some techniques for the SNR enhancement
of the comparator and improving energy-efficiency of the controller are highlighted.
Chapter 3 focuses on the design considerations of a comparator, the only
analog block in the otherwise digital SAR ADC architecture, whose energy
consumption is determined by the SNR requirement. The chapter provides
an overview on the class of dynamic comparators that do not consume any
static current. The pros and cons of various dynamic comparators starting
from StrongARM latch to two stage double-tail and bi-directional latch-type
comparator architectures are briefly discussed. The chapter then introduces a
dynamic bias comparator wherein the first stage : pre-amplifier is dynamically
bias by virtue of a switched capacitor tail. This dynamic bias pre-amplifier has
self-quenching property wherein the charge lost from the integrating capacitors
(CP ) at the drain nodes is transferred to the tail capacitor (CTAIL ). Due to
this charge transfer, VGS − VT of the pre-amplifier keeps reducing throughout
the comparison operation thereby making the pre-amplifier operate in the
weak inversion region of operation and maximizing its gm/Id to reduce input
referred noise. The performance of the proposed dynamic bias comparator in
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terms of speed, noise and energy consumption is shown and is compared with
another latch-type comparator variant, Elzakker’s comparator. Due to the
self-quenching operation of dynamic bias pre-amplifier the complete discharge
of the pre-amplifier is prevented. This reduces the energy consumption of the
2 value to 2 · C · V
pre-amplifier stage from its traditional 2 · CP · VDD
P
DD · ∆VDi ,
where ∆VDi is the voltage discharge on the drain nodes for a chosen CTAIL to
CP ratio.
In chapter 4, a range pre-selection sampling technique is presented that
aims at reducing the input drive current required for driving a SAR ADC
sample capacitor. In this technique (three) different sample capacitors (DACs)
are used to sample (three) different ranges of input signal. The input signal
rd
before sampling is first compared to on-chip generated reference voltages ( 13
rd
and 32 of the supply voltage). Depending on the result of this comparison,
the input signal is respectively sampled on one of the three DACs. This range
pre-selection minimizes the maximum voltage change at the sample (DAC)
capacitors to ideally one-third of the full-scale signal without compromising
on the ADC’s SNR. This reduction in maximum voltage change across the
sample capacitors reduces the maximum input current (and power) required
to drive them. Since the input drive power is more than the ADC supply
power consumption, this reduction in the input drive power is significant in
reducing the overall power consumption of the data converter including the
analog input driver.
Chapter 5 demonstrates an energy-efficient 10b flexible SAR ADC architecture incorporating an input range dependent swapping technique to relax
analog input drive energy requirement. The SAR ADC architecture incorporates the energy efficient dynamic bias comparator introduced in Chapter
3. The dynamic bias comparator is self-quenched and self-timed that results
in an asynchronous operation and aids in attaining a state-of-the-art Walden
FoM of 0.35 - 2.5 fJ/conv-step with > 9b resolution over the entire range of
operation. The non-linear sample charge component resulting from the input
capacitance of the comparator in a conventional SAR ADC is prevented in this
architecture by isolating the comparator from the DAC during the tracking
period. This allows for >66 dB SFDR throughout the range of operation (0.7
- 1.3 V). The input range dependent swapping technique is introduced that
compares the differential inputs with each other and depending on the result
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of this comparison samples the upper and lower half of the input signal respectively on the positive and negative DAC. This (ideally) reduces the maximum
change in voltage at the sample (DAC) capacitors and subsequently the maximum input charge (and energy) required for sampling rail-to-rail signals by a
factor 2.
Chapter 6 then demonstrates a buffered 10b differential SAR ADC wherein
both the ADC and the Class-A buffers driving the ADC (differential) inputs
operate at a single supply voltage and the buffered ADC can handle near
rail-to-rail input signal swing. This is made possible by incorporating the
swapping technique presented in Chapter 5 at the buffer inputs. As a result
of this swapping of the input signal paths, the two buffers need to handle
respectively (only) the upper and lower half of the input signal. This allows
for the use of only PMOS and NMOS input stage for the respective buffers
handling the lower and upper half of the input signal, thereby enabling the
Class-A operation at the same supply voltage as the ADC itself. The buffered
ADC consumes 149 µW at 4 MS/s from a single 1.2V supply to result in a
state-of-the-art FoM (including buffers) of 87 fJ/conv-step. The single supply
voltage buffered SAR ADC operation reduces the hardware cost for processing
near rail-to-rail signals. The proof-of-concept demonstrated in this chapter
emphasizes the effectiveness of the input drive energy reduction (swapping)
technique presented in previous chapter.
In summary this thesis presents design techniques to reduce the amount of
energy required to perform various operations during data conversion, such as
comparison, buffering the input signal and sampling the buffered input signal.
These techniques aim at reducing the amount of charge (and energy) required
to perform each of these operations for a given SNR. Each of the said operations require a certain capacitance to satisfy the theoretical kT/C noise limit
for a given SNR. The energy consumption for charging-discharging of this capacitor is reduced by minimizing the voltage change across this capacitor for
performing various operations in the thesis. (a) In the case of dynamic bias
comparator by quenching the discharge of pre-amplifier output nodes, the energy per comparison for a given SNR is reduced. (b) By minimizing the voltage
change across the sampling capacitors, the input drive current (and power) required to drive the analog input of a SAR ADC for a given SNR is reduced.
(c) Swapping the input signal paths based on the polarity of differential inputs
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not only reduces the maximum voltage change across the sample capacitors,
but it also allows the buffer and ADC to powered at the same supply voltage level. This obviates the need of an additional supply voltage and reduces
the additional hardware cost required for handling near rail-to-rail input signals. The low energy design techniques presented in this thesis contributed
towards attaining the lowest reported Walden FoM of 0.35 fJ/conv-step for the
standalone SAR ADC. When including the energy consumption of the buffers
the Walden FoM of 87 fJ/conv-step is also the lowest among all the reported
buffered SAR ADCs to the best of my knowledge.
These design techniques thus strive towards a low energy low cost data acquisition system that helps in achieving a long autonomous operation lifetime
of a wireless sensor node.

7.2

Original contributions

This thesis contains several original contributions to the field of data converters:
• A dynamic bias technique for the two stage latch-type comparator is
demonstrated where the pre-amplifier drain nodes do not discharge completely to ground thereby resulting in a state-of-the-art energy consumption of 34 fJ per comparison for 0.4 mV input referred noise.
• A Range Pre-Selection sampling technique is presented where one-third
of the signal swing is sampled on a particular DAC. This (ideally) reduces
the maximum input current required to drive a capacitor for a certain
SNR by a factor 3 as compared to the conventional sampling.
• A low power wide range of operation flexible SAR ADC architecture is
shown that can operate from 0.2 - 8 MS/s at corresponding supply voltage ranging from 0.7 - 1.3 V with > 9b resolution and >66 dB linearity.
The ADC incorporates the dynamic bias comparator and benefits from
its low energy consumption per comparison to achieve a state-of-the-art
Walden FoM of 0.35 - 2.5 fJ/conv-step over the wide range of operation.
• The integration of Class-A buffer with the SAR ADC wherein both the
buffer and ADC operate at a single supply voltage and can still handle
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near rail-to-rail signals. This obviates the need of an additional supply
voltage for the (Class-A) buffer for a near rail-to-rail operation.

7.3

Recommendations

Having demonstrated the proof-of-concept for reducing the input drive energy
for moderate speeds (few MS/s) and moderate resolution (≈ 10 bit), the next
challenge is to extend the input drive energy reduction technique for higher
resolution (12 bits and more) and at higher sampling speeds (> 100MS/s).
The key investigation area for research would be to demonstrate the scaling
of the proposed input energy reduction technique at higher speeds and resolution. Another possible research interest would be to investigate the advantages
of the proposed input energy reduction technique in a time-interleaved environment wherein each sub-ADC can experience a full-scale signal swing at
the sampling capacitor for successive sampling instants for near-Nyquist operation. Both the input energy reduction techniques : Range Pre-selection
Sampling and input range dependent swapping reduce the maximum voltage
change at the DAC and therefore across the S/H switches. The reduced voltage swing across the sampling switches can result in improved linearity and
settling accuracy at higher sampling rates (> 100MS/s). This can relax the
S/H buffer requirements for each sub-ADC thereby reducing the overall energy
consumption of a time-interleaved ADC.
For the case of dynamic bias comparator, it would be interesting to scale
the design for higher speed of operation (> 1GS/s) and analyze the energy
advantages that are achieved in comparison to double-tail latch-type comparator and other high-speed implementations. Dynamic biasing can be extended
to other comparator architectures such as StrongARM latch and dual-slope
bi-directional comparator to analyze its energy advantages in these architectures. It would be an interesting design choice to combine the dynamic bias
topology with already existing solutions that strive towards improving SNR in
a SAR cycle such as using majority voting for last few LSB cycles, using coarse
low energy comparator for MSB decisions with sub-ranging and redundant-bit
DAC design. This can allow for a trade-off between coarse (high-speed,low
SNR) MSB comparisons and a few fine (low-speed,high SNR) LSB comparisons, thereby further improving the energy-efficiency.
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